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Abstract

The environmental impact of petroleum-based transportation infras-
tructure gained more and more significance during the last decade as
fossil fuel powered vehicles lead to high emissions of CO2 and other
greenhouse gases. With the electric mobility becoming a real solution
for a sustainable future by using renewable energy sources, the emis-
sions of carbon and in general greenhouse gases can be substantially
reduced in order to mitigate the induced ecological effects.

For today’s electric vehicles already featuring suitable (but limited)
ranges and having advantages over vehicles driven by internal com-
bustion engines as higher engine efficiency, regenerative braking and
reduced noise emission, the key element for their success are the charg-
ing systems as well as the battery technology. To overcome the range
limitations given through the long charging times so-called ultra-fast
charging stations have to be developed with a charging power of several
100 kW preferably connected to the medium voltage AC grid which sub-
stantially increase the autonomy and the flexibility of electric vehicle
drivers.

After presenting a brief motivation for the topic of the electric mo-
bility in Chapter 1 together with today’s charging methods as well as
available charging infrastructure, state-of-the-art research approaches
for an ultra-fast charging station for electric vehicles with integrated
energy storages are summarized.
In Chapter 2 the design aspects for an ultra-fast charging station are
given from which concepts for the realization are developed and the
specifications and requirements for the power electronic converter sys-
tem and the energy storage can be stated.
Then, state-of-the-art medium voltage bidirectional isolated AC-DC
converter topologies suitable for the grid interface of an ultra-fast charg-
ing station are evaluated in Chapter 3 with the focus set on the in-
tegration of a battery energy storage system as well as the integration
of the galvanic isolation on module level from which two single-stage
converter systems are identified for a further investigation.
The first converter system is the cascaded AC-DC dual active bridge
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converter for a split battery energy storage system proposed in Chap-
ter 4. For the topology, suitable modulation and control schemes both
on module as well as on system level are developed and a hardware
prototype of a module is designed and built to experimentally verify
the proposed modulation schemes. The overall battery energy storage
system is simulated to validate the given theoretical analysis.
The second converter system is the cascaded AC-DC multi-port con-
verter for a split battery energy storage system introduced in Chapter
5. For a three-phase AC-DC multi-port converter module, a new mod-
eling approach for the power flows at the AC and the DC ports is
presented and suitable modulation schemes are developed. Moreover,
the converter module is simulated applying the different modulation
schemes to validate the given theoretical analysis.
For the comparison of the proposed single-stage converter systems on
module level to the state-of-the-art two-stage solution utilizing an AC-
DC H-bridge module connected to a DC-DC dual active bridge con-
verter in terms of efficiency and power density, a multi-objective opti-
mization is implemented and the underlying power component models
are described in Chapter 6. From the optimization results obtained
the efficiencies achieved at a power density of 2.5 kW/L are for the
single-stage AC-DC dual active bridge module 96.6 %, for the single-
stage AC-DC multi-port module 93.5 % and for the two-stage AC-DC
H-bridge module connected to a DC-DC dual active bridge converter
97.1 %.
Finally, Chapter 7 summarizes and concludes the main achievements
of the thesis and presents an outlook on possible future research work.
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Kurzfassung

Im letzten Jahrzehnt gewannen die Auswirkungen der auf Erdöl basier-
ten Transportinfrastruktur auf die Umwelt mehr und mehr an Bedeu-
tung. Fahrzeuge betrieben mit fossilen Brennstoffen führen zu ho-
hen Emissionen von CO2 und weiteren Treibhausgasen. Mit der Elek-
tromobilität eröffnen sich Möglichkeiten für eine nachhaltige Zukunft
durch den Einsatz erneuerbarer Energiequellen, um die Emissionen
von Kohlenstoff und im Allgemeinen von Treibhausgasen wesentlich re-
duzieren zu können.

Heutige Elektrofahrzeuge verfügen bereits über eine angemessene
wenn auch eingeschränkte Reichweite und bieten einige Vorteile gegen-
über Fahrzeugen mit Verbrennungsmotoren wie eine höhere Motoref-
fizienz, das regenerative Bremsen sowie die reduzierte Geräuschemis-
sion. Das Schlüsselelement für den Erfolg sind die Ladesysteme sowie
die Batterietechnologie. Um die Limitierung der Reichweite durch die
langen Ladezeiten zu überwinden, müssen Schnellladestationen mit einer
Ladeleistung von einigen 100 kW, vorzugsweise für den Anschluss an
das AC Mittelspannungsnetz, entwickelt werden. Somit können die
Autonomie und die Flexibilität der Benutzer von Elektrofahrzeugen
gesteigert werden.

Nach einer kurzen Motivation zum Thema Elektromobilität in Kapi-
tel 1 mit ihren heutigen Lademethoden sowie der vorhandenen Ladein-
frastruktur, werden aktuelle Forschungsansätze für eine Schnellladesta-
tion für Elektrofahrzeuge mit integriertem Energiespeicher vorgestellt.
In Kapitel 2 werden die Designaspekte für eine Schnellladestation
diskutiert, mit Hilfe derer Realisierungskonzepte erarbeitet und die
Spezifikationen und Anforderungen an das leistungselektronische Kon-
vertersystem und den Energiespeicher aufgestellt werden können.
Danach werden in Kapitel 3 bidirektionale isolierte AC-DC Konver-
tertopologien für die Mittelspannungsanbindung gemäss dem Stand der
Technik hinsichtlich der Verwendung in einer Schnellladestation evalu-
iert mit dem Fokus der Integration eines Batteriespeichersystems sowie
der Integration der galvanischen Trennung auf Modulebene. Zur wei-
teren Betrachtung werden zwei einstufige Konvertersysteme identifiziert.

vii



KURZFASSUNG

Das erste Konvertersystem stellt den kaskadierten AC-DC Dual Active
Bridge Konverter für ein gesplittetes Batteriespeichersystem vorgeschla-
gen in Kapitel 4 dar. Für die Topologie werden geeignete Modulations-
und Steuerverfahren auf Modul- sowie Systemebene entwickelt, welche
mittels dem Design und Aufbau eines Hardwareprototyps experimen-
tell verifiziert werden. Zudem wird das gesamte Batteriespeichersystem
simuliert, um die theoretische Analyse zu validieren.
Das zweite Konvertersystem stellt den kaskadierten AC-DC Multi-Port
Konverter für ein gesplittetes Batteriespeichersystem eingeführt in Ka-
pitel 5 dar. Für ein dreiphasiges AC-DC Multi-Port Konvertermodul
werden ein neuer Modellierungsansatz für die Leistungsflüsse an den AC
und DC Ports beschrieben sowie geeignete Modulationsverfahren ent-
wickelt. Des Weiteren wird ein Konvertermodul zur Verifikation der the-
oretischen Analyse der verschiedenen Modulationsverfahren simuliert.
Zum Vergleich der vorgeschlagenen einstufigen Konvertersysteme auf
Modulebene mit dem zweistufigen Ansatz der Stand der Technik beste-
hend aus einem AC-DC Vollbrückenmodul verbunden mit einem DC-
DC Dual Active Bridge Konverter hinsichtlich Effizienz und Leistungs-
dichte wird in Kapitel 6 eine mehrkriterielle Optimierung implemen-
tiert sowie die zugrundeliegenden Modelle der Leistungskomponenten
erläutert. Anhand der Resultate der Optimierung kann bei einer Leis-
tungsdichte von 2.5 kW/L mit dem einstufigen AC-DC Dual Active
Bridge Konvertermodul eine Effizienz von 96.6 %, mit dem einstufigen
AC-DC Multi-Port Konvertermodul eine Effizienz von 93.5 % und mit
dem zweistufigen AC-DC Vollbrückenmodul verbunden mit einem DC-
DC Dual Active Bridge Konverter eine Effizienz von 97.1 % erreicht
werden.
Abschliessend werden in Kapitel 7 die wichtigsten Errungenschaften
dieser Arbeit zusammengefasst und ein Ausblick auf mögliche zukünftige
Forschungsthemen gegeben.
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Abbreviations

2D ... Two Dimensional
3D ... Three Dimensional
AC ... Alternating Current
CHAdeMO ... Charge de Move
CHB ... Cascaded H-Bridge Converter
CSPI ... Cooling System Performance Index
DAB ... Dual Active Bridge
DC ... Direct Current
DFB ... Dual Full-Bridge
DHB ... Dual Half-Bridge
DUT ... Device Under Test
EMI ... Electromagnetic Interference
EPR ... Equivalent Parallel Resistance
ESL ... Equivalent Series Inductance
ESR ... Equivalent Series Resistance
EV ... Electric Vehicle
FEM ... Finite Element Method
FET ... Field-Effect Transistor
FPGA ... Field-Programmable Gate Array
HVDC ... High Voltage Direct Current
IEC ... International Electrotechnical Commission
IGBT ... Insulated-Gate Bipolar Transistor
iGSE ... Improved Generalized Steinmetz Equation
IT ... Isolé Terre
LUT ... Lookup Table
LV ... Low Voltage
MF ... Medium Frequency
MMC ... Modular Multilevel Converter
MOSFET ... Metal-Oxide-Semiconductor Field-Effect Transistor
MV ... Medium Voltage
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NEDC ... New European Driving Cycle
NPC ... Neutral Point Clamped
OSG ... Orthogonal System Generator
PCB ... Printed Circuit Board
PF ... Power Factor
PFC ... Power Factor Correction
PLL ... Phase-Locked Loop
PRC ... Parallel Resonant Converter
PWM ... Pulse Width Modulation
RMS ... Root Mean Square
SOC ... State of Charge
SOGI ... Second Order Generalized Integrator
SRC ... Series Resonant Converter
SST ... Solid State Transformer
STATCOM ... Static Synchronous Compensator
THD ... Total Harmonic Distortion
V2G ... Vehicle to Grid
VHDL ... Very High Speed Integrated Circuit Hardware

Description Language
ZCS ... Zero Current Switching
ZVS ... Zero Voltage Switching

Mathematical notation

x ... Instantaneous value of x
X ... RMS or DC value of x

X̂ ... Peak value of x
X ... Complex phasor Aejφ of x = A cos(ωt+ φ)
X ... Complex conjugate of phasor X
X∗ ... Reference RMS or DC value of x

X̂∗ ... Reference peak value of x
x′ ... x referred to the primary or the AC side of a transformer
xbi ... Value of x belonging to a module i in phase b
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1
Introduction

1.1 Motivation

During the last decade the environmental impact of petroleum-based
transportation infrastructure gained more and more significance. Fossil
fuel powered vehicles lead to high emissions of CO2 and other green-
house gases. The global emission of carbon per year is still growing
drastically as depicted in Fig. 1.1 from 1750 to 2011 with the liquid
fuels exhibiting a significant part of over 3000 million tons a year [1].
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Figure 1.1: Development of the global carbon emission per
year given in million tons from 1750 to 2011 [1] originating
from gas flaring, cement production as well as gas fuel, liquid
fuel and solid fuel consumption.
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1 INTRODUCTION

In order to reduce the emissions of carbon and in general greenhouse
gases to mitigate the induced ecological effects, the electric mobility
plays an important role in our future transportation infrastructure to-
gether with the use of renewable energy sources like hydro power, solar
energy or wind power. The electric mobility is becoming a real solution
for a sustainable future in combination with the use of renewable energy
sources.

Today’s electric vehicles (EVs) already feature suitable (but limited)
ranges and have advantages over vehicles driven by internal combustion
engines as higher engine efficiency, regenerative braking and reduced
noise emission. Moreover, EVs can serve as distributed energy storage
integrated into the grid for vehicle to grid (V2G) applications in order
to provide energy to the grid in times of shortages.

In Switzerland, the number of registered EVs is growing steadily
from year to year [13]. Tab. 1.1 gives a summary of EVs with 4-5 seats
available on the market in early 2015 with their range as well as their

Table 1.1: Electric vehicles with 4-5 seats available on the
market (early 2015) with their range and battery specifica-
tions [2–11]. All of them are using the lithium-ion battery
technology.

Model Rangea Battery Battery

capacity voltageb

BMW i3 190 km 18.8 kWh 360 V

Fiat 500e 210 km 24 kWh 364 V

Ford Focus Electric 162 km 23 kWh 325 V

Kia Soul EV 212 km 27 kWh 360 V

Mercedes-Benz B-Class Electric 200 km 28 kWh 240 V

Mitsubishi i-MiEV 150 km 16 kWh 330 V

Nissan Leaf 199 km 24 kWh 360 V

Renault Zoe 210 km 22 kWh 400 V

Tesla Model S 70D 442 km 70 kWh 375 V

VW e-Golf 190 km 24.2 kWh 323 V

aThe range is given for the New European Driving Cycle (NEDC) set out in
UN/ECE Regulation No. 83 for the Type I test [12].

bNominal battery voltage.

2



1.1 MOTIVATION

battery capacity and voltage according to the manufacturers brochures.
Most of the available EVs feature ranges of around 200 km given for the
New European Driving Cycle (NEDC) which lead to battery capacities
of more or less 24 kWh. All of the listed EVs are using the lithium-ion
battery technology.

The charging methods for an EV range from a battery swap over in-
ductive up to conductive charging as schematically depicted in Fig. 1.2.
The battery swap seems to be the simplest solution, at least in theory.
In practice it is not beneficial since the manufacturers apply different
batteries with different specifications depending on the EV model.

(a) (b) (c)

Figure 1.2: State-of-the-art charging methods for an EV: (a)
battery swap, (b) inductive charging, (c) conductive charging
with AC or DC current.

The company Better Place founded 2007 in Israel proposed a battery
swapping system where an EV driver does not own the battery. The
customer is charged a monthly fee for the battery and the electricity
based on the driven kilometers comparable to a mobile phone contract
[14]. Despite the interest the company gained from various analysts
and investors, the business model could not be realized for the EV
mass market. The company shut down its business in 2013 [15].

Also Tesla Motors worked on a battery swapping station which al-
lows to change the battery of the Model S in about 90 seconds [16].
The station became operational in January 2015 but is not reaching
the popularity as the electric superchargers Tesla provides [17].

In contrast to the mechanical replacement of the EV battery for
charging, electric energy can be transferred from a charging station to
the EV battery either inductive or conductive. Inductive power transfer
(IPT) systems feature a contactless energy transfer from a transmitting
coil to a receiving coil based on the operating principle of a transformer.
Limiting factors of such systems for EVs are often the required space of
the receiver coil in the vehicle as well as the mechanical positioning of

3



1 INTRODUCTION

the coils in the charging station what strongly influences the transmis-
sion efficiency [18]. Moreover, inductive charging involves health risks
from the induced electric fields in human tissue so that the magnetic
stray field has to be limited.

Besides presented laboratory prototypes of IPT systems for the elec-
tric mobility in scientific literature [19,20], various companies are work-
ing on inductive charging stations for EVs as for instance Bombardier
with their PRIMOVE systems [21], Siemens with their induction-based
charging solution SIVETEC CIS [22] as well as many car manufacturers
like Audi, BMW and Toyota [23].

The conventional and most popular way of charging an EV battery
represents the conductive charging. The IEC 61851-1 standard defines
the slow AC charging mode 1 and mode 2 from the low voltage (LV)
distribution grid with a standard single- or three-phase power outlet
with typical phase currents of 16 A and 32 A [24,25]. The AC charging
mode 3 covers slow and fast AC charging from a specific EV socket
outlet at an AC charging station either at home or at public places
[25]. The currents per phase are typically below 63 A [24]. Besides the
AC charging modes the IEC 61851-1 standard defines also the fast DC
charging mode 4 with currents up to 400 A which is derived from the
CHAdeMO standard [24–26].

DC fast charging stations and EVs supporting the CHAdeMO stan-
dard with a charging power of around 50 kW are already well estab-
lished on the market. Over 50 % of EVs sold in Europe from 2010 to
2014 are compliant with the CHAdeMO standard [27]. More than 50
different charger manufacturers as for instance ABB, Fuji Electric, Hi-
tachi, Schneider or Siemens offer CHAdeMO DC charging stations as a
part of their product portfolios for providing energy to EVs of different
brands and models [27]. With the CHAdeMO charging system an EV
battery can be almost fully charged in 15 to 30 minutes. Depending on
the EV model the charging process takes 5 to 10 minutes for a 40 km
to 60 km drive. Besides the CHAdeMO charging stations, Tesla Motors
develops its own DC superchargers with a charging power up to 120 kW
[28]. A 30 minutes charging operation of the Model S equates to a range
of about 270 km.

With the available fast charging solutions, the range of fully electric
cars is still limited compared to conventional fossil fuel powered cars.
Today’s classic mid-size diesel cars with seats for 4-5 adults exhibit an
average tank capacity of 60 L that allows to travel distances of more
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than 1000 km [29]. Compared to the EVs available on the market in
early 2015 (see Tab. 1.1) the range of common diesel cars is about a
factor 5 higher.

In order to increase the autonomy and the flexibility of EV drivers,
the range limitations given through the long charging times can be
mitigated by the development of so-called ultra-fast charging stations.
Such stations would be able to charge an EV battery with charging
rates up to 5 kWh/min, so that a charging time of 5 minutes equates to
a range of about 200 km. These systems can be placed at key nodes in
the road traffic network to provide electricity to the EV drivers faster
than the conventional charging infrastructure. The required charging
power for ultra-fast charging lies in the range of several 100 kW given
by the target charging rate which is supplied by high power electronic
converter systems preferably connected to the medium voltage (MV)
grid.

State-of-the-art high power charging systems exist for electric buses
as for example the eBus system from Siemens [30] with a charging power
up to 450 kW which is connected to the LV or the MV grid. The off-
board charging station consists of a structural mast for an inversely
mounted pantograph where the bus is charged in 6 to 8 minutes de-
pending on the state of charge (SOC) of the battery.

The TOSA 2013 bus project in Geneva with the power electron-
ics from ABB applies stationary batteries at the bus stops which are
charged with 50 kW power from the LV grid [31]. The batteries of the
bus are then charged via a 400 kW high power charger during a 15 sec-
onds discharge of the stationary energy storage. Additionally, at the
terminal stop of the bus a charging power of 200 kW is available for a
full recharge.

Moreover, Heliox from the Netherlands offers DC ultra-fast charg-
ing systems from 120 kW up to 2.5 MW for electric public transport
systems running with 700 V [32]. The electric connection is made by a
pantograph mounted on the roof of an electric bus.

Besides high power charging solutions for the public transport, the
charging power available for the individual EV traffic is still limited.
The most public charging stations feature no more than six charging
ports with an output power below 150 kW as for example the worldwide
supercharger network of Tesla [28], the solar powered Fastned charging
network in the Netherlands [33] or the ChargePoint network in the
United States [34]. For large-scale charging stations for instance at
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highways where several EVs have to be charged simultaneously in a
reasonable time, the required charging power reaches a few MW. For
such systems the connection to the grid has to be done on the MV level
since the currents drawn from the LV grid would become too high.

Research in the area of large-scale charging stations is mainly fo-
cusing on concepts applying a DC bus where several chargers, energy
storage and renewable energy generation can be attached [35–38]. The
proposed architecture in [35] consists of a bipolar DC bus which is cou-
pled via an AC-DC converter and a step-down transformer to the MV
grid. At the DC bus several fast charging DC-DC converters provid-
ing energy to the EVs as well as a battery energy storage system and
renewable energy generation from wind and solar power are connected.
Furthermore, in [36] a flywheel energy storage system as part of a fast
charging station to mitigate the adverse effects of high power charging
for the grid is investigated.

The use of energy storage in an ultra-fast charging station is not
only useful to flatten the power demand from the grid during charging
activities, moreover it is in general beneficial in the context of smart
grid applications for the future energy distribution grid due to the in-
creasing integration of renewable energy sources [39]. The inherently
fluctuating and stochastic nature of renewable energy sources demands
the placement of energy storage as part of the grid in order to ensure
balancing supply and demand [40–42].

Besides the well-known energy storage systems using the potential
energy of water (pumped hydroelectric storage systems [43]), in re-
cent years additional concepts based on compressed air [43], flywheels
[43, 44], thermal energy storage in molten salt [43, 45] as well as elec-
trochemical storage in batteries [43, 44] have been investigated. The
battery based systems offer the advantages of a high energy and power
density, a high cycle efficiency as well as being location-independent
and easily scalable [43]. Such systems also become more and more im-
portant in grid applications for load leveling providing fast frequency
regulation [46]. In order to store considerable amounts of energy and
ensure the dynamic control of power, suitable high power electronic
equipment connecting the storage batteries to the grid plays an impor-
tant role.

State-of-the-art battery energy storage systems at high power lev-
els are usually connected to the MV grid. Because of the comparable
high voltage level, multilevel converter systems are advantageous due to
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lower harmonics and reduced filtering effort, robust operation and re-
duced switching losses. Furthermore, no bulky transformers providing
voltage adaptation are necessary.

Especially modular converter systems as the modular multilevel con-
verter (MMC) [47] as well as the cascaded H-bridge converter (CHB)
[48] offer the benefit to easily split and distribute the battery energy
storage among several modules [49–51]. The storage battery is either
attached directly to the module DC link [51] or connected via a (iso-
lated) DC-DC converter [49].

Moreover, a modular converter system can be easily scaled according
to the specified voltage and power levels. To decrease system downtime
in case of a failure, a modular approach offers built-in redundancy which
can be considered in the converter and control design process [52]. Ad-
ditionally, by using standard components in each module manufacturing
costs can be kept low.

The functionality of a split battery energy storage system connected
to the MV grid can be further extended to an ultra-fast charging station
based on the MMC or the CHB [53, 54]. For both converter systems
bidirectional isolated DC-DC converters connecting the module DC link
to the storage battery provide galvanic isolation and voltage adaptation.
With the introduced isolation stage the insulation requirements of the
battery packs are reduced and their negative rails can be grounded.
Moreover, by applying non-isolated DC-DC converters with their out-
puts paralleled a high charging power for EVs becomes available. The
grid-side introduced isolation stage guarantees further the compliance
with EV charging standards (see Section 2.1.4).

The split battery energy storage system as an integral part of an
ultra-fast charging station for EVs offers considerable potential for this
research work. Especially in the field of modular power electronic con-
verter systems, the integration of module-level galvanic isolation opens
possibilities for the investigation of single-stage isolated module topolo-
gies and the derived overall converter system. Fig. 1.3 depicts two pos-
sibilities of an ultra-fast charging station based on a split battery energy
storage system with integrated galvanic isolation on module level. The
outputs of the non-isolated DC-DC converters are paralleled, so that a
high charging power for the EV battery becomes available.

Besides the evaluation on topology level, modulation and control
schemes can be developed considering soft-switching conditions for the
general applied semiconductor devices of IGBTs and MOSFETs. Fur-
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thermore, top-level control algorithms that ensure balancing the SOCs
of the storage batteries in the context of the modular converter system
can be studied.
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Figure 1.3: Ultra-fast charging station based on a split bat-
tery energy storage system applying the modular multilevel
converter (MMC) in (a) and the cascaded H-bridge converter
(CHB) in (b). The required galvanic isolation between the
grid and the EV battery (see Section 2.1.4) is realized on the
grid-side module level. With non-isolated DC-DC convert-
ers connecting the storage batteries to the EV battery a high
charging power for a short charging process becomes available.

1.2 Objectives and contributions

The objective of this thesis is to develop, analyze and identify realization
concepts and converter topologies for an ultra-fast charging station for
electric vehicles with an integrated split battery energy storage system
connected to a MV AC grid. The focus lies on the development and
the electric as well as magnetic modeling of grid-connected modular
converter systems with integrated galvanic isolation on the module level.
For the promising module topologies new modulation schemes utilizing
soft-switching are developed, analyzed, optimized and verified with a
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hardware prototype and/or in simulation. The main contributions of
this thesis are given in the following.

New concept of a three-phase cascaded AC-DC (two-port)
dual active bridge converter which is modular on the phase
level

I Based on the state-of-the-art cascaded H-bridge converter and the
well-known DC-DC/AC-DC dual active bridge converter, a new
phase-modular concept of a cascaded AC-DC dual active bridge
converter for a split battery energy storage system is developed
(Chapter 4, Section 4.1, Fig. 4.1), modeled and its operating
principle analyzed (Chapter 4, Section 4.2) and validated in sim-
ulation (Chapter 4, Section 4.6).

I For the proposed concept, a single-phase AC-DC dual active bridge
converter as module is investigated. A modulation scheme that
allows soft-switching for all semiconductor devices over the full
AC mains period considering also the variation of the switching
frequency is developed and optimized (Chapter 4, Section 4.3.2).

I For the module, a hardware prototype of a single-phase AC-DC
dual active bridge converter is designed and implemented for the
experimental verification of the proposed modulation scheme with
variable switching frequency (Chapter 4, Section 4.5).

I Finally for the proposed concept, the converter control structure
of a split battery energy storage system is investigated. For con-
trolling the grid currents and the state of charges of the batteries
the control structure is designed (Chapter 4, Section 4.4) as well as
implemented and validated in simulation (Chapter 4, Section 4.6).

New concept of a three-phase cascaded AC-DC multi-port
converter which is modular on the phase level

I Based on the state-of-the-art cascaded H-bridge converter and
known DC-DC multi-port converters (typically three-port sys-
tems), a new phase-modular concept of a cascaded AC-DC multi-
port converter for a split battery energy storage system is de-
veloped (Chapter 5, Section 5.2, Fig. 5.1), modeled and its op-
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erating principle analyzed (Chapter 5, Section 5.3) as well as a
converter module simulated (Chapter 5, Section 5.7).

I A new generalized modeling approach of the power flows in a
multi-port converter with an arbitrary number of ports connected
in series (e.g. dual active bridge converter) is developed (Chap-
ter 5, Section 5.4). The modeling approach leads to analytical
power flow equations including all possible modulation schemes.

I For the proposed concept, a three-phase AC-DC multi-port con-
verter module is investigated and new modulation schemes are
developed, analyzed, modeled and optimized: Firstly based on a
fundamental wave approach (Chapter 5, Section 5.5.1) and sec-
ondly considering soft-switching conditions for all semiconductor
devices over the full AC mains period (Chapter 5, Section 5.5.2).
The proposed modulation schemes are validated in simulation
(Chapter 5, Section 5.7).

Multi-objective optimization and comparison of the converter
modules for the proposed concepts

I A multi-objective optimization of the proposed converter systems
on the module level (Chapter 6, Section 6.1) applying state-of-
the-art power component models in the electric, magnetic and
thermal domain (Chapter 6, Section 6.2) is implemented. Finally,
the converter modules are compared and discussed concerning
efficiency and power density (Chapter 6, Section 6.4, Section 6.5).

I Additionally, a general optimization of the modulation scheme for
a DC-DC dual active bridge converter design example applying
the new modeling approach of the power flows (Chapter 5, Sec-
tion 5.4) is carried out (Appendix A, Section A.3). Besides the
clamping intervals and the phase shift, also the variation of the
switching frequency is considered for the control.

1.3 Outline of the thesis

The thesis covers all valuable achievements of the investigations of
medium voltage converter systems for an ultra-fast charging station
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for electric vehicles combined with a split battery energy storage sys-
tem.

Chapter 1 starts with a motivation for the topic of the electric
mobility and presents the state-of-the-art charging methods as well as
today’s available charging infrastructure. For an ultra-fast charging
station for electric vehicles, state-of-the-art research approaches with
integrated energy storage are summarized.

Chapter 2 presents the design aspects for an ultra-fast charging
station for electric vehicles from which concepts for the realization are
developed and the specifications and requirements for the converter sys-
tem and the energy storage can be stated.

Chapter 3 evaluates state-of-the-art medium voltage bidirectional
isolated AC-DC converter topologies suitable for the grid interface of
an ultra-fast charging station for electric vehicles with the focus on the
integration of a battery energy storage system as well as the integration
of the galvanic isolation on module level.

Chapter 4 proposes a new cascaded AC-DC dual active bridge
converter for a split battery energy storage system. For the topology,
suitable modulation and control schemes both on module as well as
on system level are developed. A hardware prototype of a module is
designed and built to experimentally verify the proposed modulation
schemes. The overall battery energy storage system is simulated to val-
idate the given theoretical analysis.

Chapter 5 introduces a new cascaded AC-DC multi-port converter
for a split battery energy storage system. For a three-phase AC-DC
multi-port converter module, a new modeling approach for the power
flows at the AC and the DC ports is presented and suitable modulation
schemes are developed. The converter module is simulated to validate
the given theoretical analysis.

Chapter 6 presents a multi-objective optimization and comparison
of the proposed converter systems on module level in terms of efficiency
and power density. Besides the applied models of the power components
the optimization procedure for each converter module is shown. Fi-
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nally, the obtained optimization results are discussed and the proposed
converter modules compared to the conventional two-stage AC-DC H-
bridge module connected to a DC-DC dual active bridge converter.

Chapter 7 summarizes and concludes the main achievements of the
thesis and presents an outlook on possible future research work.

Appendix A recapitulates state-of-the-art modulation schemes for
DC-DC dual active bridge converters and presents a general optimiza-
tion of a DC-DC dual active bridge converter design example based on
the new modeling approach for the power flows. Besides the clamping
intervals and the phase shift also the variation of the switching fre-
quency for control is considered in the optimization.

Appendix B covers the loss models of the power components used
for the calculations throughout the thesis including semiconductor losses
for IGBTs and MOSFETs, inductor and transformer losses in terms of
skin effect, proximity effect and core losses as well as capacitor losses.

1.4 List of publications

Different parts of this thesis including texts, tables, figures and equa-
tions have been previously published in scientific publications in in-
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2
Ultra-Fast Charging Station for

Medium Voltage Grids

In the design process of an ultra-fast charging station for the medium
voltage grid, the requirements and the specifications according to the
intended application area have to be evaluated first. Main factors like
the amount of electric vehicles (EVs) to be charged during a specific
time, the average energy content of an EV battery and the desired
charging time per energy unit play an important role. Based on these
aspects, concepts for the realization of an ultra-fast charging station
can be developed.

2.1 Design aspects

When designing an ultra-fast charging station several aspects have to
be taken into account including

I the amount of EVs to be charged during a specific time,

I the average energy content of an EV battery,

I the desired/required charging time per energy unit,

I meeting the EV battery galvanic isolation standards [55,56].

The first three aspects define the required charging power the station
has to deliver to the EV whereas the fourth one guarantees compliance
with standards for safety reasons. In the following, two scenarios of an
ultra-fast charging station are discussed - a large charging station near
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Table 2.1: Ultra-fast charging station scenarios for a large
charging station near highways and a small charging station
in urban regions. It is assumed that the battery capacity for
EVs charging at a highway station is higher because of long
distance drives compared to EVs charging in urban regions.

Parameter Large station Small station

near highways in urban regions

EVs per day 200 50

EVs charging in parallel 6 1

Typical battery capacity 48 kWh 24 kWh

Charging rate 9.6 kWh/min 4.8 kWh/min

Charging power per EVa 576 kW 288 kW

Total charging powerb 3.46 MW 288 kW

aEffective charging power not covering losses.
bTotal effective charging power not covering losses.

highways and a small charging station in urban regions. The scenarios
are summarized in Tab. 2.1.

2.1.1 Utilization

In [57, 58] Monte Carlo simulations of different utilization scenarios of
an ultra-fast charging station are performed. The utilizations range
from 50 EVs per day up to 200 EVs per day which are based on typical
traffic density distributions in Switzerland. In this work, the utilization
of a small charging station is assumed to be 50 EVs per day whereas
for the large charging station 200 EVs per day are considered.

2.1.2 EV battery capacity

The typical battery energy content of a medium-sized EV is assumed
to be 24 kWh which is exactly the median of the listed EVs in Tab. 1.1
available on the market in early 2015. This battery capacity allows driv-
ing around 200 km. Due to the limited range, such EVs are especially
used in urban regions. Travelling long distances require higher ranges
and therefore an increased battery capacity. With the Tesla Model S
70D listed in Tab. 1.1 ranges over 400 km are possible. Nevertheless,
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it is currently the only available EV with such a high range and a rela-
tively large battery capacity of 70 kWh. For the large charging station,
it is assumed that the typical battery capacity is around 48 kWh since
near highways especially EVs driving long distances are charged. The
average consumption of these EVs is considered to be 12 kWh/100 km
for the New European Driving Cycle (NEDC) [12].

2.1.3 Charging time

In the European 400 V AC low voltage distribution grid1, currents at
home or at workplaces are often limited to 16 A per phase/socket. For
instance with a 3.3 kW single-phase charger2 the charging process for a
typical medium-sized EV takes up to 8 h for a full battery recharge [26].
With a three-phase connection the available charging power is increased
to 10 kW so that the charging time can be reduced by a factor of 3.
Nevertheless, it stays in the range of a few hours.

Considering such long charging times, especially for long distance
drives, the EV loses its practical application. Drivers have to funda-
mentally change their habits and adapt to the restricted mobility what
is rather difficult to achieve. For this reason, fast charging modes are
established to cut down charging times, so that drivers feel comfortable
when they can recharge whenever they like.

The CHAdeMO standard defines DC fast charging with voltages up
to 500 V and currents up to 120 A [26] which is covered by the charging
mode 4 according to the IEC 61851-1 standard [25]. Furthermore, in the
IEC 61851-1 standard AC fast charging from the 400 V low voltage grid
is covered with phase currents of 32 A and 63 A respectively [24–26].
Increasing the charging power to 50 kW according to the CHAdeMO
standard [27], EV batteries can be recharged in 20 min to 30 min de-
pending on their capacities. Many manufacturers of EVs and charging
stations deliver their products compliant with the CHAdeMO standard.
In spring 2015, already 8’000 CHAdeMO charging stations are placed
all over the world [27].

The focus of this work is on DC ultra-fast charging which means to
cut down charging times to 5 min for a typical EV battery with 24 kWh
[57]. This leads to a charging rate of 4.8 kWh/min which requires a
charging power of 288 kW for a lossless charging process. This is the

1230 V phase voltage and 400 V phase-to-phase voltage.
2Power electronic converter with an efficiency of 90 %.
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scenario considered for a small charging station. For large charging
stations near highways a 5 min charging process for an EV battery with
double the capacity is assumed. The required effective charging power
is then given by 576 kW.

2.1.4 Galvanic isolation

The galvanic isolation requirement for EV chargers between the AC dis-
tribution grid and the EV battery is commonly related to safety issues
[55]. In [56] case studies investigate the outcome of a human touching
the AC line while he/she is connected to the EV chassis ground. Simu-
lations show that for non-isolated chargers a person gets shocked while
for isolated chargers with no connection from the neutral to the ground
this is not the case.

In case of DC chargers with a direct coupling to the EV battery, the
IEC 61851-23 standard states the isolation requirements between the
AC distribution grid and the EV battery [30, 59]. The output side of
the DC charging system has to be designed as an unearthed DC power
supply (IT system) with insulation monitoring.

For ultra-fast charging stations with an integrated energy storage
and comparable low grid power connection [60] it is more beneficial
to integrate the galvanic isolation in the low power frontend converter
connected to the grid than in the high power charging converter itself
from the efficiency point of view.

2.1.5 Summary and discussion

For a charging station the required charging power is mainly determined
by the EV battery capacity and the charging rate. Especially for DC
ultra-fast charging the charging power is relatively high compared to a
DC fast charging station compliant with the CHAdeMO standard. Fur-
thermore, with increasing charging currents the resistive losses caused
by internal battery cell resistances as well as contact resistances grow.
The faster the charging process, not only the more effective charging
power is required, but also the power to cover the losses is increased.

Considering a battery pack with an internal resistance rbat and
an open-circuit voltage vbat (mainly dependent on the state of charge
(SOC)), the required charging power delivered from the power electronic
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system is given by

Pch =
1

tch

∫ tch

0

vbat(t)ich(t) + ich(t)2rbat(t) dt (2.1)

where tch represents the charging time. vbat and rbat depend on the
non-linear characteristic of the battery pack and vary according to the
applied charge pattern. With conversion efficiencies ηg of an AC-DC
grid interface and ηch of a connected DC-DC charger the grid power
input is

Pg =
Pch

ηgηch
. (2.2)

Using a three-phase connection to the 400 V low voltage distribu-
tion grid would lead to phase currents in excess of 400 A for ultra-fast
charging of one EV which results in an overload of the copper cables
[61]. A reasonable approach for an ultra-fast charging station in public
areas should therefore focus on medium voltage grid connections so that
also several EVs in parallel could be charged. Furthermore, buffering of
energy should be considered, especially for times when the grid power is
limited or energy from distributed generation has to be stored. Hence,
the integration of energy storage can lead to a reduction of the rated
power of the station. The energy for the charging process is then partly
or fully drawn from an intermediate energy storage.

Addressing the battery technology, ultra-fast charging requires com-
parable high power densities of the battery cells. Optimizations of
lithium-ion cells in [62] show that with an increased power density the
energy density of the cell rapidly drops. In general it is a trade-off be-
tween power density and energy density when designing a lithium-ion
cell. The faster a cell can be charged, the lower its energy density is.
For an EV suitable for ultra-fast charging, this means also a drastic
increase in weight.

2.2 Concepts for realization

In the following, two concepts for the realization of an ultra-fast charg-
ing station for the medium voltage AC grid are given. First, a solution
based on a medium voltage DC bus which suits large charging stations
for instance near highways is presented. Secondly, an integrated charg-
ing solution based on a battery storage system connected directly to
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the medium voltage AC grid is introduced. This solution is mainly
intended to be used in urban regions with a low amount of charging
slots. Both concepts basically exhibit an AC-DC grid interface and one
or more energy transfer units for charging the EV batteries.
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Figure 2.1: Ultra-fast charging station concept with a
medium voltage DC bus suitable for large electric charging
stations near highways. The station consists mainly of a
non-isolated AC-DC grid interface to couple the DC bus to
the medium voltage AC grid and an isolated DC-DC energy
transfer unit for charging the EV battery. Additionally, en-
ergy storage can be attached to the DC bus such as flywheels,
compressed air storage or battery storage systems. The sta-
tion could also provide energy to EVs from own generation
such as photovoltaic panels or fuel cells.

2.2.1 Medium voltage DC bus

A concept of an ultra-fast charging station with a medium voltage DC
bus is depicted in Fig. 2.1. The DC bus allows the connection of energy
storage like flywheels, compressed air storage, battery storage systems,
ultra-capacitors and so on. Furthermore, the station can include own
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generation for instance from renewables like solar or wind power. The
various storage medias and generation units are directly coupled to the
DC bus by non-isolated AC-DC or DC-DC converters respectively. The
DC bus could also be seen as a DC grid around big cities with a large
amount of distributed generation and interfaces to an AC or even a DC
low voltage distribution grid.

Besides generation and storage units, a non-isolated AC-DC grid
interface couples the station to the medium voltage AC grid. The DC-
DC energy transfer unit serves as a high power charging converter where
also the galvanic isolation from the DC bus is integrated. The AC-
DC grid interface is capable of bidirectional power flow whereas the
DC-DC energy transfer unit only delivers power to the EV battery.
For vehicle to grid applications, one could also think of a bidirectional
energy transfer unit.

Integrated
battery
energy storage

Low voltage
DC bus
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AC grid
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Connector

DC
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Figure 2.2: Ultra-fast charging station concept with an in-
tegrated battery energy storage suitable for urban electric
charging stations. The station consists of an isolated AC-
DC grid interface where storage batteries are included. The
non-isolated DC-DC energy transfer unit connects the AC-DC
converter to the EV battery for charging operation.
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2.2.2 Integrated battery energy storage

In Fig. 2.2 a concept of an ultra-fast charging station with integrated
battery energy storage suitable for urban regions is shown. The AC-DC
grid interface integrates the galvanic isolation from the medium voltage
AC grid as well as storage batteries to provide sufficient energy for the
charging process in times with low grid power available.

The grid interface basically combines the purposes of charging EVs
and storing energy from the grid. Especially with the increasing gen-
eration from renewables, energy storage systems become an important
part of the electricity infrastructure in order to maintain the stable
operation of the grid in the long run.

The DC-DC energy transfer unit connects the grid interface to the
EV battery and is non-isolated as the isolation stage is already included
in the grid interface. The converter provides unidirectional power flow
as long as no vehicle to grid applications are needed. An additional low
voltage DC bus is available where the voltage fluctuates with the SOC
of the storage batteries. This could be used for instance for powering
auxiliaries like the charging control.

2.2.3 Focus of this work

Due to range limitations and relatively long charging times of EVs com-
pared to fossil fuel powered cars, the large-scale application of EVs is
still developing very slowly. Nevertheless, in urban regions where driv-
ing distances are short and EVs exhibit long parking times at home or
at work the electric mobility gains interest. In and around big cities
more and more charging infrastructure will be established in the next
few years. Besides slow and fast charging of EVs, also the demand for
ultra-fast charging will increase.

Therefore, this work focuses on an ultra-fast charging station with
an integrated battery energy storage system as shown in Fig. 2.2 for
the application in urban regions. For the AC-DC grid interface, power
electronic converter topologies and modulation schemes are developed,
optimized and evaluated concerning achievable efficiency and power
density. The main goal is the integration of the galvanic isolation into
state-of-the-art converter topologies in order to reduce the number of
conversion stages. The DC-DC energy transfer unit is not covered in
this work. A possible approach is described in [60] where an ultra-fast
charging station for the low voltage distribution grid is presented.
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2.3 Specifications and requirements

For an ultra-fast charging station with an integrated battery energy
storage system (see Fig. 2.2), detailed specifications and requirements
are derived in the following. These are relevant for selecting and de-
veloping suitable power electronic converter systems in this work. In
Tab. 2.2 the AC-DC grid interface parameters are summarized.

First of all, the voltage level of the AC medium voltage grid and
the rated power of the AC-DC converter are specified. According to
IEC 60038 voltage standards [63] a nominal system voltage of 6.6 kV is
considered. Due to the integrated battery energy storage in the AC-DC
grid interface the nominal power can be lower than the charging power
listed in Tab. 2.1. In this work, the nominal grid power is fixed to
150 kW and the energy storage sized depending on the charging power
as shown in the following.

2.3.1 Charging power

In order to size the energy storage, the total charging power considering
the losses in the EV battery pack has to be determined. Assuming a
constant open-circuit battery pack voltage Vbat, a constant internal
resistance Rbat and a constant DC current Ich during the ultra-fast

Table 2.2: Specifications and requirements for the AC-DC
grid interface with an integrated battery energy storage sys-
tem used in an ultra-fast charging station in urban regions
(see Fig. 2.2).

Parameter Value

AC-DC converter AC grid voltage 6.6 kV

Nominal output power 150 kW

Galvanic isolation Required

Bidirectional power flow Required

Battery storage Storage capacity 1 MWh

Battery technology Lithium-ion

Battery voltage < 1000 V
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2 ULTRA-FAST CHARGING STATION FOR MEDIUM VOLTAGE GRIDS

Table 2.3: Parameters for an ultra-fast charging process of a
typical EV battery pack built with lithium-ion polymer cells.
The data corresponds to the Nissan Leaf battery pack which
includes cells from AESC [64,65].

Open-circuit voltage Vbat 360 Va

Internal resistance Rbat 125 mΩb

Charging current Ich 800 A

Effective charging power Pch,eff 288 kW

Charging losses Pch,loss 80 kW

Charging power Pch 368 kW

Charging efficiency ηch 78 %

aThe nominal cell voltage of the AESC lithium-ion polymer cell is 3.75 V [65].
bThe internal battery pack resistance is approximated by the measurements given

in [64]. The number of cells in series is Ncell,s = 96 and the number of strings in
parallel Ncell,p = 2 [64].

charging process, (2.1) simplifies to

Pch = VbatIch + I2
chRbat = Pch,eff + Pch,loss. (2.3)

The required charging power consists of an effective part Pch,eff to de-
liver energy to the battery cells as well as a resistive part Pch,loss that
covers the losses. The internal resistance Rbat of the battery pack de-
pends on the number of cells connected in series Ncell,s, the strings
connected in parallel Ncell,p and the cell resistance Rcell given by the
manufacturer and is written as

Rbat =
Ncell,sRcell

Ncell,p
. (2.4)

Given the effective charging power Pch,eff = 288 kW from Tab. 2.1
and an average battery voltage Vbat = 360 V, the DC charging current is
calculated to be Ich = 800 A. With the internal battery pack resistance
Rbat = 125 mΩ of the Nissan Leaf [64], the required charging power
yields Pch = 368 kW which leads to a charging efficiency of ηch = 78 %.
The results are summarized in Tab. 2.3.
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2.3.2 Energy storage

The charging power Pch given in (2.3) can be divided into two parts:
The power Pg delivered from the grid and the power Ps from the battery
energy storage (energy Es delivered during tch). This leads to

Pch = ηch (ηgPg + Ps) = ηch

(
ηgPg +

Es

tch

)
(2.5)

with ηch being the efficiency of the DC-DC energy transfer unit and ηg

the efficiency of the AC-DC grid interface. Assuming a fixed grid power
Pg and Nev EVs to be charged per day from the grid and the energy
storage, the required energy buffer can be determined as

Ebess = NevEs = Nev

(
Pchtch
ηch

− ηgPgtch

)
. (2.6)

With this calculation the buffer will be empty after 24 h without recharg-
ing operation between the EV charging processes. The time available
for recharging the energy buffer is

Tbess = 24 h−Nevtch (2.7)

from which the recharging constraint

Ebess ≤ ηgPgTbess = ηgPg (24 h−Nevtch) (2.8)

arises that guarantees the buffer to be recharged during a day. The
maximum number of EVs that can be charged a day is reached at the
equality of the recharging constraint. There, Tbess gets minimal so that
the recharging operation exactly covers the energy which is consumed
by the EVs charged during a day.

The numerical evaluation of (2.6) for the grid power Pg = 150 kW,
the charging power Pch = 368 kW, converter efficiencies ηg = ηch =
95 %, a charging time of tch = 5 min and Nev = 50 leads to the required
energy storage Ebess = 1 MWh.
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3
Bidirectional Isolated AC-DC

Converter Topologies

For an ultra-fast charging station with an integrated battery energy
storage system as presented in Fig. 2.2, suitable power electronic con-
verter topologies for the AC-DC grid interface are evaluated in this
chapter. As previously mentioned, the high power DC-DC energy trans-
fer unit is not considered in this work. The focus lies on medium voltage
(MV) AC-DC converter concepts where the integration of a battery en-
ergy storage system is possible. The specifications and requirements
are summarized as follows:

I Three-phase MV AC grid connection,

I integration of battery packs at the DC side,

I galvanic isolation between the AC grid and the DC side,

I bidirectional power flow (charging and discharging operation of
the storage batteries).

Possible MV converter topologies are classified according to their
phase modularity, the number of conversion stages and the type of
interconnection of the modules in modular topologies. Fig. 3.1 gives
an overview of state-of-the-art bidirectional isolated AC-DC converter
topologies which are further described in this chapter. The primary
focus in this thesis is on phase-modular single-stage converter topologies
(gray shaded area in Fig. 3.1).
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3.1 NON-MODULAR AC-DC TOPOLOGIES

3.1 Non-modular AC-DC topologies

In low voltage (LV) applications the use of conventional two-level or
three-level three-phase AC-DC rectifier/inverter systems is quite com-
mon. Their inherently given non-modular structure does not allow a
series connection of converters at the AC side to share the voltage across
several terminals. In the case of a connection to a MV AC grid, suitable
high power semiconductors have to be employed in such designs.

AC

DC

MV AC MV DC

DC

AC

LV DC

DC

AC

AC

DC
MV AC

LV DC

DC

AC

AC

DC

(a)

(b)

MV AC MV DC

(c)

AC

DC

AC

DC

AC

DC

AC

AC

Figure 3.2: General three-phase non-modular AC-DC
topologies with galvanic isolation: (a) two-stage isolated AC-
DC converter with MV DC output, (b) two-stage isolated AC-
DC converter with split LV DC outputs, (c) single-stage iso-
lated AC-DC converter with MV DC output. The split LV
DC outputs in (b) can be connected in series to form a MV
DC output or in parallel to form a high current LV DC output.

Fig. 3.2 depicts general three-phase non-modular AC-DC topolo-
gies with galvanic isolation. For a two-stage solution, an isolated DC-
DC converter is connected to a non-isolated AC-DC input stage to
provide an isolated MV DC output. Besides a single DC-DC converter,
also a series connection of DC-DC converter modules with split LV DC

29



3 BIDIRECTIONAL ISOLATED AC-DC CONVERTER TOPOLOGIES

outputs can be employed. Moreover, solutions for an isolated single-
stage conversion from three-phase AC to DC exist.

3.1.1 Two-stage topologies

For a two-stage power conversion, a non-isolated AC-DC converter cou-
pled to the MV grid is further connected to a DC-DC isolation stage
(see Fig. 3.2). In the following, state-of-the-art topologies both for
the non-modular AC-DC converter system and the connected isolated
DC-DC converter system are summarized.

Non-isolated AC-DC converter

For low voltage and low power applications, two-level or three-level volt-
age source AC-DC converters [66, 67] are quite common. For medium
voltage applications these topologies demand high power semiconduc-
tor devices with a high blocking voltage (several kV) and a reasonable
current capability. Using a series connection of semiconductor devices
controlled by the same gate signal [68] can further extend the blocking
voltage capability.

In multilevel converters, the required blocking voltage of the semi-
conductor devices is reduced by increasing the number of voltage levels.
Furthermore, the harmonic content decreases as more levels to create
the staircase voltage become available.

A generalized multilevel AC-DC converter topology is presented in
[69] from where the well-known diode-clamped and capacitor-clamped
(flying capacitor) multilevel converter topologies [67,70] can be derived.
The schematics of one phase leg for the two topologies are depicted in
Fig. 3.3 exemplarily for a five-level converter.

With the increasing number of voltage levels, the hardware com-
plexity rises in terms of a high number of switches, diodes/capacitors
and gate drives. Also the commutation paths get more critical as lead
inductances of the semiconductor devices connected in series add up.
Moreover, the number of redundant switching states grows which leads
to an increased complexity in selecting the switching states. In the end,
for a relatively high number of levels, these multilevel topologies are not
practical to implement (the typical limit is seven or nine levels).
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Phase aPhase a

(a) (b)

Figure 3.3: Five-level diode-clamped multilevel converter
topology (a) and five-level capacitor-clamped multilevel con-
verter topology (b) exemplarily shown for one phase leg.

Isolated DC-DC converter

For high power bidirectional DC-DC power conversion with galvanic
isolation dual active bridge (DAB) converters are widely used [71]. The
most prominent topologies are shown in Fig. 3.4 and comprise the
dual half-bridge (DHB) converter with a single-phase transformer and
split DC input/output [72], the dual full-bridge (DFB) converter with
a single-phase transformer [73] as well as the three-phase dual active
bridge (DAB) converter with a three-phase transformer [74]. Integrat-
ing a resonant circuit in these topologies further leads to the series res-
onant converter (SRC) or the parallel resonant converter (PRC) [75].
Besides DAB topologies with voltage ports, also topologies with two
current ports or mixed voltage and current ports exist [76].

Practical implementations of DAB converters for medium voltage
applications comprise for instance a 15 kV silicon carbide MOSFET
based 20 kW DHB system [77], a 1 MW 12 kV to 1.2 kV DFB converter
[78] or a 5 MW three-phase DAB demonstrator with a 5 kV input and
a 5 kV output [79].

Furthermore, medium voltage DC-DC conversion can be also based
on a modular approach. The use of DABs as modules connected in
series at the input (see Fig. 3.2(b)) and in series/parallel at the output
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3 BIDIRECTIONAL ISOLATED AC-DC CONVERTER TOPOLOGIES

is presented in [72] for a 10 kW 12 kV to 400 V converter. Another
modular solution is based on the modular multilevel converter (MMC)
with two phase strings (four arms) at the primary and the secondary
side of a single-phase transformer [80].

(a)

(b)

(c)

Figure 3.4: Isolated DC-DC dual active bridge (DAB)
topologies: (a) dual half-bridge (DHB) converter with a
single-phase transformer, (b) dual full-bridge (DFB) converter
with a single-phase transformer and (c) three-phase dual ac-
tive bridge converter with a three-phase transformer.

3.1.2 Single-stage topologies

Besides the two-stage power conversion approach, single-stage solutions
exist with a two-level or a three-level AC input. Fig. 3.5 shows possible
three-phase converter systems with integrated galvanic isolation and
bidirectional power flow capability summarized in the following.
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(a)

(b)

(c)

Figure 3.5: Single-stage three-phase bidirectional isolated
AC-DC converter topologies: (a) three-phase AC-DC dual ac-
tive bridge [81,82], (b) three-phase boost-type isolated PWM
converter [83,84] (c) three-phase buck-boost isolated Cuk con-
verter [85–87].

A three-phase AC-DC DAB converter is presented in [81, 82] (see
Fig. 3.5(a)) consisting of an AC-side cycloconverter and a DC-side
full-bridge. The converter uses bidirectional switches at the AC side
since the virtual DC link changes the polarity depending on the DC-
side applied voltage at the transformer. For the different modulation
schemes proposed in [81, 82], soft-switching in terms of zero voltage
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switching (ZVS) and zero current switching (ZCS) is achieved for a
wide load range.

In [83, 84] a single-stage boost-type high-frequency isolated PWM
converter system is introduced which consists of a combined three-phase
T-type and half-bridge AC side and a full-bridge at the DC side (see
Fig. 3.5(b)). [83] proposes only the unidirectional topology whereas
[84] investigates its bidirectional operation with a modified space vector
PWM modulation to keep the voltage-second product balance of the
transformer.

Fig. 3.5(c) depicts a three-phase buck-boost isolated converter that
is based on the Cuk converter. The unidirectional isolated topology is
proposed in [86, 87] whereas the non-isolated bidirectional topology is
discussed in [85]. The modulation scheme for bidirectional operation
presented in [85] can be adjusted for the use in the isolated version
of the converter system. Moreover, by rearranging the switch and the
inductor at the DC side, a bidirectional isolated Sepic/Zeta AC-DC
converter can be built.

3.2 Modular AC-DC topologies

Conventional three-phase AC-DC converter systems suffer from the dis-
advantage of being non-modular and can therefore not be connected in
series to split the phase voltage between single converters. To overcome
this, phase-modular AC-DC topologies have been developed which use
several converter modules that are series-connected in phase strings. Es-
pecially for MV applications, modular converter topologies are highly
attractive due to their scalability in terms of voltage and power levels.
The possibilities of interconnecting the phase strings comprise the star,
the delta and the double star connection. Recent research also shows a
triple star connection for bidirectional AC-AC conversion [88].

3.2.1 Star connection

The general three-phase modular AC-DC topology in star connection
with galvanic isolation integrated in the converter modules is shown
in Fig. 3.6. A MV DC bus is not directly available, but could be
formed by connecting the split DC outputs in series (this is only possible
with isolated modules). Since the AC voltage of the converter modules
exhibits a positive and a negative polarity, bipolar module topologies
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3.2 MODULAR AC-DC TOPOLOGIES

are required. For the isolated AC-DC modules, possible two-stage and
single-stage solutions are presented in the following.

AC

DC

Phase a Phase b Phase c

AC

DC

AC

DC

AC

DC

AC

DC

AC

DC

AC

DC

AC

DC

AC

DC

Figure 3.6: General three-phase modular AC-DC topology
in star connection with galvanic isolation on module level.
Multiple isolated AC-DC modules per phase string are con-
nected in series depending on the AC voltage. The split DC
outputs of the modules can be connected in series or in par-
allel.

Two-stage topologies

In a two-stage topology, the converter modules consist of a bipolar
non-isolated AC-DC input stage connected to an isolated DC-DC con-
verter as depicted in Fig. 3.7. The DC output of the AC-DC input
stage buffers the pulsating power with twice the AC grid frequency in
a comparably large DC link capacitor, so that the connected DC-DC
converter is operated at a constant output power. Depending on volt-
age and power requirements the LV DC outputs of the modules can be
connected in series or in parallel.

Possible bipolar non-isolated AC-DC module topologies for the ap-
plication in a modular two-stage isolated AC-DC converter in star con-
nection comprise the two-level half-bridge, the three-level full-bridge,
the three-level T-type and the three-level NPC module (see Fig. 3.8).
In theory, any multilevel module topology is applicable (e.g. five-level
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topologies shown in Fig. 3.3), but in practice no more than three levels
are used for the cells in a modular converter system.
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Figure 3.7: Two-stage isolated AC-DC converter with MV
AC input (series-connected LV AC module inputs) and split
LV DC outputs in star connection. The split LV DC outputs
can be connected in series to form a MV DC output or in
parallel to form a high current LV DC output.

In [48,89] a multilevel cascade voltage source inverter having series-
connected full-bridge inverters with separate DC sources per phase leg is
introduced, also known as the cascaded H-bridge converter (CHB). The
converter generates a multilevel staircase voltage waveform with the
switches only switched once per AC line cycle. Thus, a nearly sinusoidal
output voltage is reached by increasing the number of cascaded full-
bridges. The application areas of the converter include for instance
MV motor drive inverters [50], reactive power compensators [89] and
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interfacing fuel cell or photovoltaic systems [90]. Furthermore, the CHB
gains interest in split battery energy storage systems where each full-
bridge module connects to a storage battery pack [91–94].

(a) (b) (c) (d)

Figure 3.8: Bipolar non-isolated AC-DC module topologies
for the application in a modular two-stage isolated AC-DC
converter in star/delta connection (e.g. cascaded H-bridge
converter [48,89]): (a) two-level half-bridge module, (b) three-
level full-bridge module, (c) three-level T-type module, (d)
three-level NPC module.

For providing the galvanic isolation, each AC-DC module is con-
nected to an isolated DC-DC converter. From the topology point of
view, the most attractive converter systems for an input/output volt-
age of several 100 V represent DAB converters as previously described
in Section 3.1.1 and shown in Fig. 3.4. [95, 96] propose a solid state
transformer (SST) based on a CHB with a module-level isolation stage
consisting of DAB converters. The same topology is applied in [97] for a
large-scale photovoltaic grid integration and in [98] for a battery energy
storage system.

Single-stage topologies

Besides the two-stage approach, single-stage solutions exist with either
split LV DC outputs with pulsating power as shown in Fig. 3.9 or split
LV DC outputs with constant power as depicted in Fig. 3.10. The
first topology simply represents a cascade of single-phase single-stage
bidirectional isolated AC-DC converters whereas the second one uses a
multi-port structure by magnetically coupling the AC module inputs of
three different phases to a single DC output. Again, the split LV DC
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outputs can be connected in series or in parallel according to voltage
and current requirements.
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Figure 3.9: Single-stage isolated AC-DC converter with MV
AC input (series-connected LV AC module inputs) and split
LV DC outputs (with pulsating power) in star connection.
The split LV DC outputs can be connected in series to form
a MV DC output or in parallel to form a high current LV DC
output.

Based on the approach of two actively switched bridges (DAB con-
verters), possible isolated module topologies are derived by combining
AC- and DC-side module blocks both with voltage ports. The AC-side
voltage port changes its polarity with twice the AC grid frequency such
that semiconductor devices with a reverse voltage blocking capability
have to be applied.
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Figure 3.10: Single-stage isolated AC-DC converter with
MV AC input (series-connected LV AC module inputs) and
split LV DC outputs (with constant power) among the three
different phases (multi-port structure) in star connection. The
split LV DC outputs can be connected in series to form a MV
DC output or in parallel to form a high current LV DC output.

Fig. 3.11 depicts the most useful AC module blocks like the two-
level half-bridge, the three-level full-bridge and the three-level T-type
block. All of these variants use an anti-serial connection of two IGBT
co-packs to realize a bidirectional (four-quadrant) switch. For the DC
side, possible module blocks are shown in Fig. 3.12 and comprise the
two-level half-bridge, the three-level full-bridge, the three-level T-type
and the three-level NPC blocks. In contrast to the AC side, only uni-
directional (two-quadrant) switches are necessary.

Examples for isolated AC-DC modules in a modular converter sys-
tem as shown in Fig. 3.9 include AC-DC DAB converters with either
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bidirectional switches at the AC side [99–102] or with a frontend syn-
chronous rectifier in place [103]. The modulation schemes proposed
in [99] and [102] achieve ZCS or ZVS conditions for all semiconductor
devices in all points of operations whereas [103] presents an optimal
modulation to guarantee ZVS for the full operating range.

(a) (b) (c)

Figure 3.11: Bipolar isolated AC-side module blocks for the
application in a modular single-stage isolated AC-DC con-
verter in star/delta connection (e.g. cascaded H-bridge con-
verter [48, 89]): (a) two-level half-bridge module block, (b)
three-level full-bridge module block, (c) three-level T-type
module block.

In [104] a modular high power converter consisting of series-con-
nected DC-DC DAB converters for the connection to a MV DC grid
is presented. The converter serves as a battery energy storage system
where each of the DAB modules connect to a battery pack. Further re-
search on series-connected AC-AC DAB converters is done in the field
of SSTs for providing single-stage bidirectional isolated AC-AC conver-
sion [105–107]. The proposed concepts can be also applied to series-
connected AC-DC DAB converters with the DAB module topologies
summarized above.

For the multi-port converter approach shown in Fig. 3.10 research
has mainly focused on DC-DC conversion. Examples of proposed multi-
port converter systems comprise the bidirectional isolated three-port
DC-DC converter based on the single-phase DAB converter [108–113] or
on the three-phase DAB converter [114]. In [115] the multi-port DC-DC
converter concept is further extended to four ports whereas [116, 117]
present a general N-port DC-DC converter. Most of these topologies are
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operated by the conventional phase shift modulation. Nevertheless, by
integrating a resonant tank into the multi-port converter also resonant
operation is possible as for instance shown in [118] for a series resonant
three-port DC-DC converter. Usually, port topologies like half-bridge
[110,112] or full-bridge cells [109,111,113,117] are used either voltage-
fed or current-fed [108].

(a) (b)

(c) (d)

Figure 3.12: Unipolar isolated DC-side module blocks for
the application in a modular single-stage isolated AC-DC con-
verter in star/delta connection (e.g. cascaded H-bridge con-
verter [48, 89]): (a) two-level half-bridge module block, (b)
three-level full-bridge module block, (c) three-level T-type
module block, (d) three-level NPC module block.

Isolated multi-port converters with combined AC and DC ports (see
Fig. 3.10) have been rarely discussed in literature. Publications have
mainly focused on three-phase isolated rectifier topologies based on a
multi-port structure. Examples are converters employing three two-
winding transformers with their DC-side windings either connected in
series applying a diode rectifier stage [119–121], a current doubler rec-
tifier stage [119, 122] or connected in star connection applying a three-
phase diode rectifier stage [123,124].
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A three-phase bidirectional isolated AC-DC converter based on a
multi-port approach by utilizing half-bridge cells in a push-pull stage
at the AC-side ports and a three-phase DAB stage at the DC port is
proposed in [125]. The galvanic isolation is realized with three three-
winding transformers where the DC-side windings are connected in star
connection. In [126] a multi-port converter for the coupling of the utility
grid to a stationary storage battery as well as an electric vehicle (EV)
battery is presented. The topology employs also three three-winding
transformers with each phase of the grid connected to a different trans-
former through a cycloconverter. The two DC ports consist of a six-leg
inverter and a three-leg inverter respectively coupled to each three-
winding transformer via two different windings.

3.2.2 Double star connection

Besides the single star connection, a double star connection of series-
connected isolated AC-DC modules is possible as depicted in Fig. 3.13.
The converter topology consists of three phase strings/legs where each
of them has two arms (gray shaded areas in Fig. 3.13). Compared to
the single star connection, only unipolar modules are necessary since the
AC voltage of the converter modules exhibit only a positive polarity.
Furthermore, the converter topology directly provides a non-isolated
MV DC bus. In the following, two-stage and single-stage topologies for
the isolated AC-DC modules are summarized.

Two-stage topologies

In a two-stage solution, the converter modules consist of an unipolar
non-isolated AC-DC input stage connected to an isolated DC-DC con-
verter as previously shown for the single star connection in Fig. 3.7.
In the double star configuration, two of the single stars are paralleled at
the phase connections. The LV DC outputs of the two-stage converter
modules can be connected in series and/or parallel according to voltage
and power requirements.

For the application in a modular two-stage isolated AC-DC con-
verter in double star connection, unipolar non-isolated AC-DC module
topologies like the two-level half-bridge, the three-level T-type as well
as the three-level NPC module (see Fig. 3.14) are possible. As previ-
ously mentioned, commonly no more than three levels are used for the
cells in a modular converter system.
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Figure 3.13: General three-phase modular AC-DC topology
in double star connection with galvanic isolation on module
level and a non-isolated MV DC bus. Multiple isolated AC-
DC modules are connected in series in each of the two phase
strings (arms) depending on the MV AC voltage and the MV
DC voltage. The split DC outputs of the modules can be
connected in series or in parallel.
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(a) (b) (c)

Figure 3.14: Unipolar non-isolated AC-DC module topolo-
gies for the application in a modular two-stage isolated AC-
DC converter in double star connection (e.g. modular multi-
level converter [47,127,128]): (a) two-level half-bridge module,
(b) three-level T-type module, (c) three-level NPC module.

The most prominent modular converter topology in double star
connection is the modular multilevel converter (MMC) introduced in
[47, 127, 128]. The converter topology employs series-connected unipo-
lar two-level half-bridges (see Fig. 3.14(a)) in a converter arm and
inherently provides a DC bus. The modules either switch their DC ca-
pacitor voltage to the AC output or are bypassed. In this way, similar
to the CHB converter, a staircase voltage is formed at each of the phase
connections which reaches a nearly sinusoidal waveform by increasing
the number of modules per converter arm. The application areas of the
MMC cover for instance MV motor drive inverters [129], HVDC power
transmission systems for future energy systems [130], reactive power
compensators (e.g. STATCOM) [131] or split battery energy storage
systems [49,132].

For providing the galvanic isolation on module level, DC-DC DAB
converters (see Section 3.1.1 and Fig. 3.4) can be connected to the AC-
DC half-bridge modules. This approach is presented for example in [49]
for a battery energy storage system applying DC-DC DAB converters
with a module-side half-bridge and a battery-side full-bridge. In [133]
a microgrid interface based on an MMC for hybrid AC and DC grids
is proposed connecting an isolated LV DC bus to both a three-phase
AC distribution system and a future MV DC distribution system. The
galvanic isolation of the LV DC bus is realized by DC-DC DAB convert-
ers which are attached to the module DC capacitors and their isolated
outputs connected in parallel.
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Single-stage topologies

Possible single-stage solutions in double star connection look like the
single star connection depicted in Fig. 3.9 for a cascade of isolated
AC-DC modules or in Fig. 3.10 for a multi-port structure. Through
the interconnection in double star configuration (two single stars in
parallel at the phase connections) only unipolar AC-side module blocks
are necessary.

In Fig. 3.15 unipolar isolated AC- or DC-side module blocks with
voltage ports for the application in a modular single-stage isolated AC-
DC converter in double star connection are shown. The isolated AC-DC
modules can be realized by combining two of the blocks, one block for
the AC side and one block for the DC side. The most useful variants
are the two-level half-bridge, the three-level full-bridge, the three-level
T-type and the three-level NPC block.

(a) (b)

(c) (d)

Figure 3.15: Unipolar isolated AC- or DC-side module
blocks for the application in a modular single-stage isolated
AC-DC converter in double star connection (e.g. modular
multilevel converter [47, 127, 128]): (a) two-level half-bridge
module block, (b) three-level full-bridge module block, (c)
three-level T-type module block, (d) three-level NPC mod-
ule block.
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The use of single-stage isolated AC-DC modules in a double star
configuration is a rather special case since neither a constant DC volt-
age nor a symmetrical AC voltage (constant amplitude, no DC offset)
is applied to the voltage port at the module input. As shown later in
Section 3.3.4, for the same average module power, the isolation trans-
former has to cope with a 33 % higher peak power in a double star
configuration compared to a single star configuration. From a realiza-
tion point of view this is not advantageous because the transformer has
to be designed for a higher peak power at the same average power.
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Figure 3.16: General three-phase modular AC-DC topology
in delta connection with galvanic isolation on module level.
Multiple isolated AC-DC modules per phase-to-phase string
are connected in series depending on the MV AC voltage. The
split DC outputs of the modules can be connected in series or
in parallel.
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In theory, any AC-DC DAB converter topology could be used in
such a converter system consisting for instance of the module blocks
shown in Fig. 3.15.

3.2.3 Delta connection

Besides the star and the double star connection also the delta/triangle
configuration of series-connected isolated AC-DC modules as depicted
in Fig. 3.16 is possible. As in the case of a star connection, the mod-
ules are exposed to a positive and a negative voltage polarity at their
AC ports what demands the use of bipolar module inputs (see Fig. 3.8,
Fig. 3.11). Moreover, no MV DC bus is directly available. Suitable
single-stage and two-stage isolated module topologies in a delta con-
nection comprise the same solutions as already discussed for the star
connection in Section 3.2.1. Compared to the star connection, the volt-
age across a module branch is increased by a factor of

√
3. For an

equivalent delta connection with the same characteristic towards the
AC grid, the branch current decreases by 1√

3
.

Proposed modular converter systems in delta connection comprise
for example a PWM STATCOM based on a modular multilevel cascade
converter [134] or a CHB converter for a split battery energy storage
system [54] where each H-bridge module is connected to a storage bat-
tery pack.

3.3 Topology selection

Based on the previously presented overview of state-of-the-art bidirec-
tional isolated AC-DC converter topologies (see Fig. 3.1), this section
deals with the selection of topologies suitable for the AC-DC grid in-
terface in an ultra-fast charging station with integrated battery energy
storage system as shown in Fig. 2.2. The basic requirements such as
the galvanic isolation and the bidirectional power flow are inherently
given by the summarized topologies. Further selection criteria as the
need of multilevel converters, the phase modularity and scalability, the
number of conversion stages and the interconnection possibilities of the
converter modules are discussed in the following.
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3.3.1 Multilevel converters

For medium voltage applications, topologies like two-level or three-level
voltage/current source AC-DC converters require high power semicon-
ductor devices with a high blocking voltage (several kV) and a rea-
sonable current capability. The switching frequency is quite limited
(usually no more than some kHz) what induces significant harmonic
distortion of the voltages/currents so that the filtering effort becomes
relatively high with the need of bulky passive components.

With the use of multilevel topologies, switching devices with lower
blocking voltage and therefore lower on-state resistance can be employed
what leads to reduced conduction losses and a thermal distribution of
the losses across more devices. Moreover, the switching frequency can
be increased so that the harmonic content of the voltages/currents is
lowered what in turn causes the passive components to shrink. Increas-
ing the number of voltage levels also decreases the harmonic distortion
as more levels to create a staircase voltage become available.

On the other hand, a high number of switching devices needs also the
corresponding amount of gate drive circuits and increases the hardware
complexity of the control. Furthermore, the greater the amount of
active components in the design, the more sources of failure exist that
could lead to a reduced system reliability.

3.3.2 Phase modularity and scalability

When looking at multilevel topologies as the well-known diode-clamped
or capacitor-clamped converter (see Fig. 3.3 for the five-level exam-
ples), the hardware design can get quite complex with a high number of
levels as a high number of gate drives is necessary and the commutation
paths and therefore the parasitic inductances drastically increase. In
the case of a diode-clamped converter, a large amount of diodes is nec-
essary whereas with a capacitor-clamped (flying capacitor) converter an
overall large capacitance has to be built into the system. Furthermore,
the control of such converters can reach a high complexity as a high
number of possible switching states are available as well as capacitor
voltages have to be balanced.

With the use of a phase-modular structure, multilevel converter
topologies can be built by cascading several equal modules in a se-
ries connection depending on the grid voltage specification. Through
the modularized approach, such systems are highly scalable in terms of
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voltage, current and power requirements. Moreover, modular converter
systems offer built-in redundancy where in times of a failure single mod-
ules can be bypassed without the need of instantly shutting down the
whole converter system. From an economic perspective, a modular sys-
tem is beneficial for mass production with the same components used
in every module in order to reduce investment and maintenance costs.

For a battery energy storage system, a modular solution is advanta-
geous over the conventional multilevel topologies since the storage bat-
teries can be distributed among the modules and the state of charges
(SOC) easily balanced by controlling the power flow of the modules. An
additional balancer circuit is therefore omitted. Another point is the
high isolation requirement of the battery packs if a series connection of
storage batteries at a MV DC link is used what is rather impractical.

3.3.3 Integration of galvanic isolation

One of the main specifications of the AC-DC grid interface is the in-
tegration of galvanic isolation between the AC grid and the DC-side
storage batteries. Besides the commonly used two-stage approach with
an additional isolated DC-DC converter connected to the module, this
work especially focuses on integrating the galvanic isolation on mod-
ule level in order to develop modular single-stage isolated converter
solutions. The main challenges which arise from a single-stage isolated
AC-DC module are

I the transfer of the pulsating power with twice the AC grid fre-
quency over the isolation transformer,

I ensuring a sinusoidal AC current shape with a low harmonic dis-
tortion and PFC,

I achieving soft-switching conditions over the whole AC module
voltage,

I keeping the AC-side voltage within the limits of the blocking volt-
age capability of the semiconductor devices.

3.3.4 Single versus double star connection

In the following, a simple comparison of the single and the double star
connection of a modular AC-DC converter suitable for a battery energy
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storage system is shown. Since the delta connection requires a higher
module branch voltage compared to the star configuration it is excluded
from the selection of a module interconnection.

Fig. 3.17 shows the basic schematics of a single star and a double
star connection where the modules are modeled as ohmic loads Rss, Rds.
The model represents the charging operation of a battery energy storage
system where the module behaviour is assumed to be purely passive
and the reactive power drawn from filter components is neglected. The
goal is to investigate the time-dependent module power that has to be
transferred over the isolation transformer to compare the single and the
double star configuration. The comparison is done for the same number
of modules (ohmic loads), the same total power feed-in and an equal AC
voltage grid. In the case of the double star configuration, an additional
DC voltage grid is connected.

(a) (b)

ssR ssR

ssR ssR

ssR ssR

acv

ac,ssP +
-

dsR dsR dsR

dsR dsR dsR

acv

dcv
ac,dsP dc,dsP

1m,dsv

2m,dsv

m,ssv m,ssv

Figure 3.17: Basic schematic of a single star connection (e.g.
CHB) (a) with the modules modeled as equal ohmic loads Rss

and power feed-in Pac,ss as well as of a double star connection
(e.g. MMC) (b) with the modules modeled as ohmic loads
Rds and the power feed-in Pac,ds + Pdc,ds. The two circuits
exhibit the same number of modules (ohmic loads), the same
total power feed-in and are connected to an equal AC voltage
grid. The double star configuration is additionally connected
to a DC voltage grid.

Given a purely sinusoidal three-phase AC voltage grid with

vac =
vdc

2
sin(ωt) (3.1)

and thus assuming constant star-point voltages the module voltage in
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single star connection is given by

vm,ss =
vac

Nss
(3.2)

with Nss being the number of modules in a phase string. The module
power is then written as

pm,ss =
v2

m,ss

Rss
=

v2
ac

N2
ssRss

. (3.3)

For the double star connection with Nds number of modules per
phase string (two arms) the module voltage in the upper arm is

vm,ds1 =
vdc

2 − vac

Nds
(3.4)

whereas in the lower arm

vm,ds2 =
vdc

2 + vac

Nds
. (3.5)

The module power in the upper arm is then calculated as

pm,ds1 =
v2

m,ds1

Rds
=

(
vdc

2 − vac

)2
N2

dsRds
(3.6)

and in the lower arm as

pm,ds2 =
v2

m,ds2

Rds
=

(
vdc

2 + vac

)2
N2

dsRds
. (3.7)

For the same average module power pm,avg over a 50 Hz grid cy-
cle Fig. 3.18 depicts the time-dependent module power pm,ss, pm,ds1,
pm,ds2 normalized to the peak module power in single star connection.
Each phase string applies two modules, so that Nss = Nds = 6. It can
be seen that for the same average module power a 33 % higher peak
power occurs in a double star connection compared to a single star or
delta connection that has to be considered in the isolation transformer
design. This phenomenon is inherently given by a converter in dou-
ble star connection (e.g. MMC) where the power flows mainly in the
lower arm during the positive half-wave (modules in the upper arm
are mainly bypassed) and through the upper arm during the negative
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half-wave of the AC grid voltage (modules in the lower arm are mainly
bypassed). This is also clearly seen from the curves pm,ds1, pm,ds2 given
in Fig. 3.18.
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Figure 3.18: Comparison of the module input power in star
connection (CHB based) and in double star connection (MMC
based) with the series-connected modules modeled as equal
ohmic loads (see Fig. 3.17) for the same number of modules
(Nss = Nds = 6) and the same average module power pm,avg

(over a 50 Hz grid cycle). The overall converter power in single
star connection (AC port power feed-in Pac,ss) equals the one
of the double star connection (AC and DC port power feed-in
Pac,ds + Pdc,ds).

Besides the module power, the module voltages vm,ss, vm,ds1, vm,ds2

are given in Fig. 3.19 together with the AC grid voltage vac. The
voltages are normalized to the peak module voltage in single star con-
nection. The module voltages in double star connection exhibit only
positive polarity with twice the peak-to-peak voltage than the mod-
ules in single star connection. For the same number of modules this is
obvious since in single star connection the AC voltage vac can be dis-
tributed among double the number of modules compared to a double
star connection.

52



3.3 TOPOLOGY SELECTION

Time (ms)
0 5 10 15 20

N
or

m
al

iz
ed

m
o
d
u
le

vo
lt
ag

e
v m

=v̂
m

;s
s

-2

-1

0

1

2

3

4
2m,dsv 1m,dsv

m,ssv

acv

Figure 3.19: Comparison of the module input voltage in star
connection (CHB based) and in double star connection (MMC
based) with the series-connected modules modeled as equal
ohmic loads (see Fig. 3.17) for the same number of modules
(Nss = Nds = 6) and the same average module power pm,avg

(over a 50 Hz grid cycle). The AC grid voltage vac in single
star connection equals the one of the double star connection.
For the same number of modules, the double star connection
exhibits twice the peak-to-peak module voltage.

Concluding the investigations on module level in single and double
star connection, for a battery energy storage system with single-stage
isolated AC-DC modules the single star configuration is the most suit-
able since the isolation transformer can be designed for a lower peak
power if the same overall amount of modules is considered. Usually the
additional MV DC link that is available in double star connection is not
needed for the single purpose of storing energy in a MV AC distribution
grid.

3.3.5 Focus of this work

Based on the selection criteria discussed above, for the ultra-fast charg-
ing station with an integrated battery energy storage system a phase-
modular single-stage AC-DC grid interface solution in a single star con-
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nection is chosen. As shown in [135] for a battery energy storage system,
a CHB converter with split storage batteries is generally better suited
than an MMC with a bulky battery at the MV DC link since higher
efficiencies can be reached and the balancing control of the batteries
gets easier. Nevertheless, also with the MMC the battery packs can be
distributed among the modules [132], but usually the MV DC link is
not needed for a pure grid storage system.

In the following chapters, mainly two phase-modular single-stage
AC-DC converter topologies are proposed and investigated. These are

I the cascaded AC-DC DAB converter,

I the cascaded AC-DC multi-port converter with a three-phase AC
port and a DC port.

For the topologies, suitable modulation schemes are developed and
optimized with respect to converter efficiency and power density. More-
over, control algorithms are presented for the overall battery energy
storage system in order to balance the SOCs of the battery packs. For
each of the considered converter systems, a module prototype is de-
signed and its key performance indicators as efficiency and power den-
sity evaluated. Additionally, for the cascaded AC-DC DAB converter,
a hardware prototype of a module is built to validate the proposed
modulation scheme and its practical applicability.

Finally, the proposed converter modules are compared to the stan-
dard CHB-based solution consisting of a full-bridge input stage and an
isolated DC-DC DAB converter in terms of efficiency and power den-
sity by implementing a multi-objective optimization for each module
topology. This allows to identify the main advantages and drawbacks
of the integration of galvanic isolation on module level and to draw a
final conclusion.
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4
Cascaded AC-DC Dual Active

Bridge Converter

In this chapter, a new cascaded AC-DC dual active bridge (DAB) con-
verter for battery energy storage systems is proposed. The topology is
derived from a state-of-the-art cascaded H-bridge (CHB) converter and
integrates module-level galvanic isolation using series-connected single-
stage bidirectional isolated AC-DC converter modules. For the topol-
ogy, suitable modulation and control schemes both on module as well
as on system level are developed. A converter module is designed, its
components and losses modeled and a hardware prototype built to val-
idate the proposed modulation schemes. Finally, the overall battery
energy storage system is simulated to validate the theoretical analysis
on module and system level.

4.1 Converter topology

The CHB converter proposed in [48, 89] represents the basic topology
from which the cascaded AC-DC DAB converter depicted in Fig. 4.1
with a module exemplarily shown for phase b is derived. The converter
consists of three phase strings/legs which are tied together at a common
star point. In a phase string, several bidirectional isolated AC-DC
modules are connected in series with a filter inductor Lac. Each of the
modules exhibit a grid-side low-frequency (LF) AC voltage port (with
capacitors Cac) and a DC voltage port (with capacitor Cdc).
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Figure 4.1: Cascaded AC-DC DAB converter in star connec-
tion for battery energy storage systems with series-connected
AC-DC DAB modules applying grid-side half-bridges with
bidirectional switches, battery-side full-bridges with unidirec-
tional switches and medium-frequency transformers providing
galvanic isolation. Each module is connected to a storage bat-
tery at the DC side. The module input voltage vbi corresponds
to a sinusoidal voltage waveform with the grid frequency.
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The DC voltage port is connected through a filter inductor Ldc

to a storage battery. The module topology is basically a DAB con-
verter with a grid-side half-bridge applying bidirectional switches and a
battery-side full-bridge applying unidirectional switches. The medium-
frequency (MF) transformer provides the galvanic isolation between the
medium voltage (MV) grid and the storage battery, so that the batter-
ies can be connected to earth for safety reasons and do not have to be
designed for a high insulation voltage. Nevertheless, the module trans-
former has to be designed for the appropriate insulation voltage for the
application in such a converter system. The transformer is modeled by
the primary referred leakage inductance Lσ and the magnetizing induc-
tance Lm. The ratio between the AC-side number of turns Np and the

DC-side number of turns Ns is given by the turns ratio n =
Np

Ns
.

(a)

(b)

Figure 4.2: Conventional two-stage bidirectional isolated
module topology with an H-bridge input stage and a DC-DC
DAB converter (a) in a CHB converter from which the single-
stage AC-DC DAB converter module (b) can be derived by
distributing the switches of the H-bridge input stage to the
grid-side full-bridge of the DAB converter.
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4.1.1 From two-stage to single-stage module

The module topology shown in Fig. 4.1 is derived from a conventional
two-stage solution connecting a DC-DC isolation stage to the H-bridge
module of a CHB converter as previously shown in Fig. 3.7 and pre-
sented in [95–98]. This is shown in Fig. 4.2(a) where a standard DAB
converter is employed. One step further, the switches of the H-bridge
module can be distributed to the grid-side full-bridge of the DAB con-
verter as depicted in Fig. 4.2(b) forming a full-bridge with bidirec-
tional switches.

4.1.2 AC-DC dual active bridge module topologies

Besides the DAB applying two three-level full-bridges (dual full-bridge
(DFB) converter), also topologies applying two-level half-bridges, three-
level T-type or NPC circuits and any combination of them are possible
(see Fig. 3.11 for possible AC-side circuits and Fig. 3.12 for possible
DC-side circuits). The combinations considering half-bridge, full-bridge
and T-type circuits are summarized in Tab. 4.1 where the degrees of
freedom in control for a symmetrical duty cycle operation are listed.
The asymmetrical duty cycle operation as for instance discussed in [136]
for a dual half-bridge (DHB) converter with an additional control vari-
able for capacitor voltage balancing is not considered. In contrast to
the majority of proposed modulation schemes for DAB converters, in
this work also the switching frequency is used as a control variable.

Degrees of freedom in control

The AC-DC DAB derived above and shown in Fig. 4.2 offers four de-
grees of freedom (see Tab. 4.1): The two clamping intervals of the AC-
and the DC-side full-bridges, the phase shift in between as well as the
switching frequency. The degrees of freedom in control for the AC-DC
module are used for

I the AC current shaping (power transfer constraint),

I maintaining soft-switching conditions in terms of ZCS and/or
ZVS,

I the minimization of the transformer RMS currents.
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Table 4.1: Possible two-/three-level AC-DC DAB circuit
topologies with their degrees of freedom in control. Only sym-
metrical duty cycle operation is considered.

Circuit 1 Circuit 2 Degrees of freedom in control

Half-bridge Half-bridge Phase shift,

switching frequency (2)

Half-bridge Full-bridge Phase shift, 1 clamping interval,

switching frequency (3)

Half-bridge T-type Phase shift, 1 clamping interval,

switching frequency (3)

Full-bridge Full-bridge Phase shift, 2 clamping intervals,

switching frequency (4)

Full-bridge T-type Phase shift, 2 clamping intervals,

switching frequency (4)

T-type T-type Phase shift, 2 clamping intervals,

switching frequency (4)

A minimum of two degrees of freedom is necessary for a proper oper-
ation of the module under soft-switching conditions, a third and a fourth
one can be utilized for optimization purposes. Restricting the module to
three degrees of freedom, the number of semiconductor devices can be
reduced from twelve (AC full-bridge, DC full-bridge) to eight (AC half-
bridge, DC full-bridge) what significantly reduces the hardware control
effort in terms of gate drives and the overall system costs. The resulting
AC-DC module topology is depicted in Fig. 4.1 for the application in
the battery energy storage system. Despite losing a degree of freedom,
with taking the switching frequency into consideration for control, still
one degree of freedom for optimizing the transformer RMS currents is
available.

In terms of control possibilities, a T-type circuit is comparable to
a full-bridge circuit (see Tab. 4.1) with the same amount of switches.
For the bidirectional clamping switch, semiconductor devices with a
lower voltage rating are used and a split DC link capacitor is needed.
Nevertheless, using semiconductor devices with the same voltage rating
is in most cases beneficial since system costs can be reduced.
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Qualitative comparison of semiconductor losses

Considering the same chip area per semiconductor device and in total
and assuming a relatively small clamping interval, with a full-bridge
efficiencies tend to be higher than with a T-type circuit since the trans-
former voltage amplitude is doubled and the switch RMS currents di-
vided by two for the same power operating point (this is due to the
quadratic dependency of the conduction losses on the switch current,
see Tab. 4.2). The use of a T-type circuit where the conduction inter-
val of the clamping switch is relatively small is not favorable because
the spent chip area for this switch could (or should) be distributed to
the other two switches resulting in the end in the basic half-bridge cir-
cuit. Theoretically, the chip sizes of the switches can be optimized for
minimum losses for an overall constant chip area as described in [137].
The chip area for devices with low losses is decreased whereas the one
with high losses is increased. Since only chips with a discrete chip size
are available for a hardware realization, the practical application of such
an optimization is rather limited.

A simple comparison of the conduction and switching losses of DC-
side DAB circuits is given in Tab. 4.2 for Rs being the on-state re-

Table 4.2: Comparison of DC-side DAB circuit topologies
in terms of conduction and switching losses for the same chip
area per semiconductor device and in total (same total num-
ber of switches) at the same power operating point assuming
full-block voltage operation without clamping. Rs represents
the on-state resistance and Es = Eon + Eoff the switching
loss energy of one semiconductor device rated for the full DC
link voltage. The bidirectional clamping switch of the T-type
circuit is not considered to be switched and conducting.

Circuit Switch Switch Conduction Switching

resistancea currentb losses losses

Half-bridge Rs

2 2Is 2RsI
2
s 4Esfs

Full-bridge 2Rs Is 2RsI
2
s 4Esfs

T-type Rs 2Is 4RsI
2
s 4Esfs

aThis corresponds to the total on-state resistance in the current path.
bThis is the RMS switch current over a switching period (50 % on-state, 50 %

off-state).
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sistance and Es = Eon + Eoff being the switching loss energy of one
semiconductor device rated for the full DC link voltage. In case of
the T-type circuit, the losses are obviously higher since the spent chip
area of the clamping switch is not used in full-block voltage operation.
The half-bridge and the full-bridge circuits are comparable in terms
of losses since the two switches of one leg of the full-bridge can be
used for parallelization of two switches in the half-bridge circuit. For a
simple comparison, the switching energy Es is linearly scaled with the
switch current which approximately models the device characteristic of
an IGBT [137].

From the above discussion and with the requirement in degrees of
freedom, the usage of a full-bridge as a DC-side DAB circuit is con-
firmed. Since commonly the clamping interval is minimized in order to
reduce the circulating current and therefore the reactive power, the use
of a full-bridge is more beneficial than using a T-type circuit.

4.2 Operating principle

For the explanation of the operating principle of the cascaded AC-
DC DAB converter, a simple grid-side equivalent circuit as shown in
Fig. 4.3 can be drawn. There, the AC-DC modules are modeled by
their capacitive voltage ports consisting of the series connection of two
filter capacitors Cac and a controlled current source imbi exemplarily
for the module i ∈ {1, 2, ..., n} in the phase string b. The DAB con-
verter is modeled by the transformer leakage inductance Lσ and the
AC- and DC-side applied MF voltages vp,bi, v

′
s,bi (AC-side referred) at

the transformer windings. The transformer magnetizing inductance Lm

is assumed to be relatively large, so that the magnetizing current can
be neglected for the analysis of the operating principle.

4.2.1 Module level

By adjusting the power transfer of the AC-DC DAB module, the current
source imbi is controlled in order to regulate the AC-side module voltage
vbi and hence the grid current ib. The current driven by the source can
be written as

imbi = ib − iCbi (4.1)

with iCbi being the current flowing through the AC-side capacitors.
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Figure 4.3: Grid-side equivalent circuit of the cascaded AC-
DC DAB converter shown in Fig. 4.1. The modules are mod-
eled with their capacitive voltage ports consisting of the series
connection of two filter capacitors Cac and a controlled current
source imbi. By adjusting the power transfer of a DAB mod-
ule, the current source is controlled in order to regulate the
AC-side module voltage as well as the grid current. The DAB
module is modeled by the transformer leakage inductance Lσ
and the AC- and DC-side applied medium-frequency voltages
vp,bi, v

′
s,bi (AC-side referred) at the transformer windings.

The operating principle is comparable to a conventional CHB con-
verter where a phase shift PWM is used to directly generate the grid-
side module voltages [96,97]. The major difference is, that the module
voltage vbi is indirectly controlled by the power transfer of the DAB
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converter which is given by

pmbi = vbiimbi = vbi (ib − iCbi) . (4.2)

The power coupling between the controlled current source imbi and
the MF voltage source vp,bi is represented by the two arrows shown in
Fig. 4.3. The power transfer between the MF voltage sources vp,bi,
v′s,bi is dependent on the control variables of the employed modulation
scheme such as the phase shift, the DC-side clamping interval and the
switching frequency (see Tab. 4.1). The details of the modulation
schemes are described in Section 4.3.

During one half-cycle of the grid-side AC voltage, two of the grid-
side semiconductor devices in the bidirectional switches are constantly
turned on. These are S1b and S2b for the positive and S1a and S2a for
the negative half-wave (see Fig. 4.1).

4.2.2 System level

Controlling the AC-side module voltages in a phase string allows to
apply the corresponding voltage across the grid filter inductor Lac which
leads to the required amplitude and phase of the grid current. For
the battery energy storage system depicted in Fig. 4.1, purely active
power in charging and discharging operation is considered with a power
factor (PF) near unity. Moreover, since all modules in a phase string
are connected in series, the power distribution among the modules can
only be set by controlling the grid-side voltages of the modules as the
module currents are equal.

By increasing the voltage of a module, the voltage of another module
or the voltages of other modules in the same phase string have to be
reduced, so that the voltage sum of all modules is not changed. In this
way, only the power distribution among the modules is affected, but not
the overall power flow between the grid and the batteries. The upper
limit of the module power is basically given by the blocking voltage of
the applied semiconductor devices.

At the grid side, each module can be simply represented by a volt-
age source (capacitive voltage port controlled by a current source as de-
picted in Fig. 4.3) where the voltage is controlled by the power transfer
between the grid-side filter capacitors Cac and the battery. To increase
the module power, first the module voltage vbi has to be increased
which is done by reducing the power transfer to the battery. As soon

63
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as the module voltage rises, the power transfer can be increased again
to reach its reference value. This is done by a module voltage controller
as described in Section 4.4.5.

4.3 Module modulation schemes

A DAB converter is operated by actively applying square-wave volt-
ages with or without clamping interval (zero voltage interval) across
the windings of the transformer. The voltages can be seen as MF
voltage sources which are decoupled by the leakage inductance of the
transformer (see equivalent circuit of a DAB module in Fig. 4.3). By
adjusting the phase shift between the square-wave voltages, the trans-
former leakage inductance current can be shaped in order to control
the power flow and to allow beneficial conditions for the soft-switching
of the semiconductor devices. Advanced modulation schemes not only
use the phase shift, but also the clamping interval and/or the switching
frequency as control variables (see Tab. 4.1).

For the theoretical analysis of the modulation schemes of a DAB
module, the following assumptions are made:

I The magnetizing current is negligible small (means large magne-
tizing inductance Lm),

I the capacitors Cac, Cdc are large enough so that the amplitudes
of the generated square-wave voltages can be considered constant
during one switching cycle,

I the switching frequency is well above the resonant frequency of
the resonant tank formed by Cac, Cdc and Lσ,

I the commutation intervals are negligible small in comparison to
the switching cycle,

I the transformer turns ratio guarantees that the module is always
operated in boost mode when the DC voltage is referred to the
AC side.

Based on these, the transformer leakage inductance current is ap-
proximated by piecewise linear equations with no DC offset since the
square-wave voltages applied to the transformer windings exhibit a zero

64



4.3 MODULE MODULATION SCHEMES

voltage-second product over a switching cycle. This also guarantees that
no DC flux appears in the transformer core.

(a)

(b)

Lσ,bii

p,biv s,binv

(c)

(d)

p,biv s,binvLσ,bii

Lσ,bii
p,biv s,binv

Lσ,bii

p,biv s,binv

Figure 4.4: Possible and reasonable modulation schemes in
boost mode for a DAB module with a grid-side half-bridge
and a battery-side full-bridge with the transformer voltages
vp,bi, vs,bi applied to the AC-side and the DC-side winding
of the module transformer with turns ratio n as well as the
resulting leakage inductance current iLσ,bi referred to the AC
side: (a) inner mode with a power transfer from the grid to the
battery, (b) inner mode with a power transfer from the battery
to the grid, (c) lagging outer mode with a power transfer from
the grid to the battery, (d) leading outer mode with a power
transfer from the battery to the grid.

65



4 CASCADED AC-DC DUAL ACTIVE BRIDGE CONVERTER

The most prominent modulation scheme only uses the phase shift
for controlling the power flow from the primary side to the secondary
side of the transformer [73, 74]. Especially for a high power transfer
and a square-wave voltage amplitude ratio close to unity (both voltages
referred to the same side of the transformer), this modulation scheme
is beneficial since soft-switching in terms of ZVS is possible and only
a small amount of reactive power occurs (interval to change the sign
of the current). For part load conditions, with two full-bridges, the
clamping intervals can be used which leads to the trapezoidal and the
triangular current mode modulation [138,139].

For the AC-DC DAB module with an AC-side half-bridge and a
DC-side full-bridge, the possible and reasonable modulation schemes
in boost mode are depicted in Fig. 4.4. The modulation modes re-
sulting from phase-shifting the battery-side voltage signal by 180◦ are
not shown since these modes lead to high transformer peak currents
and a high amount of reactive power (increased conduction losses).
Fig. 4.4(a) and Fig. 4.4(b) show the inner mode where the DC-
side voltage block lies completely inside the AC-side voltage block for
the two power flow directions. In Fig. 4.4(c) the lagging outer mode
with a power transfer from the grid to the battery is depicted and in
Fig. 4.4(d) the leading outer mode with a power transfer from the bat-
tery to the grid is shown. The conventional phase shift modulation is
inherently given by the lagging outer mode and the leading outer mode
by setting the DC-side clamping interval to zero.

In the following, two modulation schemes are presented in detail -
a first one which allows ZCS at the grid side with IGBTs and ZVS at
the battery side with MOSFETs (presuming a constant switching fre-
quency) and a second one which allows ZVS on both sides with MOS-
FETs (considering also switching frequency variation).

4.3.1 ZCS/ZVS modulation with fixed switching fre-
quency

The inner mode as well as the lagging outer mode shown in Fig. 4.4(a)
and Fig. 4.4(c) can be restricted such that the grid-side half-bridge
switches always at zero current (ZCS). This is done by setting the cur-
rent iLσ,bi at τ0 and τ3 to zero as shown in Fig. 4.5 which leaves two
degrees of freedom in control (see Tab. 4.1). At the switching instants
τ1, τ2, τ4 and τ5 ZVS is possible as long as the transformer current
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exceeds the minimum commutation current needed for the resonant
transition.

The resulting modulation schemes are a low power mode depicted
in Fig. 4.5(a) and a high power mode in Fig. 4.5(b). Since the power
flow in high power mode cannot be substantially reduced (see (4.26)
below) for the relatively low instantaneous power transfer required near
the zero-crossing of the AC grid voltage (PFC operation assumed), the
modulation has to be changed to the low power mode with a seamless
transition in between. During the mode transition, ZVS cannot be
maintained as the transformer current decreases below the minimum
commutation current such that partly hard-switching occurs.

(a)

(b)
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Figure 4.5: Medium-frequency voltages vp,bi, nvs,bi applied
to the transformer windings of a module and the resulting
leakage inductance current iLσ,bi in low power mode (a) and
high power mode (b) over a switching cycle Ts = 2π

ωs
for a

power transfer from the grid to the battery. The modulation
scheme guarantees grid-side ZCS and battery-side ZVS, so
that IGBTs can be used at the grid side and MOSFETs at
the battery side.

Varying the switching frequency is not considered, as the mode
change has to occur at a phase shift φbi of zero (see Fig. 4.5) and
a fixed switching frequency in order to guarantee continuous control
variables over time. The switching frequency could be increased in high
power mode to decrease the power transfer up to a certain limit where
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the modulation has to be changed to the low power mode. But this also
requires that the phase shift is continuously decreased until this point
is reached to allow a seamless transition between the modes. These
transition constraints do not allow an independent optimization of the
control variables for the two modes in order to minimize the transformer
leakage inductance RMS current under the soft-switching constraints.

For the following mathematical analysis in grid-to-battery opera-
tion, the transformer turns ratio guarantees that nvs,bi > vp,bi in every
point of the AC module voltage vbi (boost mode). The control variables
for the power flow are the battery-side pulse width τbi ∈ [0, π] and the
phase shift φbi ∈ [−π, π] in relation to the grid-side applied voltage vp,bi

as shown in Fig. 4.5 both measured in rad. In low power mode φbi is
negative and in high power mode positive. The mode change occurs at
φbi = 0. The derivation of the modulation in battery-to-grid operation
is not given as it can be done analogously.

Low power mode

By using piecewise linear equations, the AC-side referred transformer
leakage inductance current iLσ,bi in low power mode over a switching
cycle Ts = 2π

ωs
with the angular frequency ωs is given by

iLσ,bi(τ) =



|vbi|
2

ωsLσ
(τ − τ0) + iLσ,bi(τ0) τ0 ≤ τ ≤ τ1

|vbi|
2 − nvBbi

ωsLσ
(τ − τ1) + iLσ,bi(τ1) τ1 ≤ τ ≤ τ2

|vbi|
2

ωsLσ
(τ − τ2) + iLσ,bi(τ2) τ2 ≤ τ ≤ τ3

− |vbi|
2

ωsLσ
(τ − τ3) + iLσ,bi(τ3) τ3 ≤ τ ≤ τ4

− |vbi|
2 + nvBbi

ωsLσ
(τ − τ4) + iLσ,bi(τ4) τ4 ≤ τ ≤ τ5

− |vbi|
2

ωsLσ
(τ − τ5) + iLσ,bi(τ5) τ5 ≤ τ ≤ τ6

(4.3)

with τ0 = 0, τ6 = 2π and |vbi| being the absolute value of the instanta-
neous AC module voltage and vBbi the battery voltage. The values of
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the transformer current at the switching instants are

iLσ,bi(τ0) = 0, (4.4)

iLσ,bi(τ1) =
|vbi|

2 (π − τbi + φbi)

ωsLσ
, (4.5)

iLσ,bi(τ2) =
|vbi|

2 (π + φbi)− nvBbiτbi

ωsLσ
, (4.6)

iLσ,bi(τ3) = 0, (4.7)

iLσ,bi(τ4) = −
|vbi|

2 (π − τbi + φbi)

ωsLσ
, (4.8)

iLσ,bi(τ5) = −
|vbi|

2 (π + φbi)− nvBbiτbi

ωsLσ
. (4.9)

The power pmbi transferred from the AC to the DC side over a
switching cycle is calculated by evaluating the integral

pmbi =
1

2π

∫ 2π

0

vp,bi(τ)iLσ,bi(τ) dτ (4.10)

which leads to the power flow equation dependent on the control vari-
ables τbi and φbi

pmbi =
|vbi|nvBbiτbi (π − τbi + 2φbi)

4πωsLσ
. (4.11)

From the ZCS condition iLσ,bi(τ0) = iLσ,bi(τ3) = 0 for the AC-side
half-bridge (see Fig. 4.5), the control variable τbi is calculated as

τbi =
|vbi|π
2nvBbi

. (4.12)

With the power flow equation (4.11) set to a reference power p∗mbi and
inserting τbi from (4.12), the phase shift φbi is given as

φbi =
16ωsLσnvBbip

∗
mbi − 2πnvBbi |vbi|2 + π |vbi|3

4nvBbi |vbi|2
. (4.13)

In low power mode the power transfer pmbi can be reduced down
to zero. The upper limit of the power transfer occurs at the mode
boundary where φbi = 0 and is calculated as

pmbi,max =
π |vbi|2 (2nvBbi − |vbi|)

16nvBbiωsLσ
. (4.14)
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Fig. 4.6 shows the evaluated equations (4.12) and (4.13) for the
control variables τbi and φbi over a 50 Hz grid half-cycle for one module
design example. Moreover, the maximum power pmbi,max that can be
transferred over the transformer in low power mode is drawn as a dashed
line. It can be seen that the reference power p∗mbi in low power mode
is located close to the maximum pmbi,max whereas in high power mode
much more power could be transferred until the maximum is reached.
This is due to the fact that the peak current iLσ,bi(τ1) is only depen-
dent on the AC module voltage |vbi| at the maximum power flow (see
Fig. 4.5). In high power mode the peak current iLσ,bi(τ2) can be dras-
tically increased by setting a corresponding phase shift φbi to increase
the power.
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Figure 4.6: Control variables τbi, φbi plotted over a 50 Hz
grid half-cycle in low power mode as well as in high power mode
for a module design example with the parameters Vbi,rms =
230 V, VBbi = 400 V, n = 1, Lσ = 35 µH, fs = 20 kHz and
a reference grid current I∗b,rms = 16 A neglecting the reac-
tive power compensation of the filter capacitors Cac (assum-
ing ICbi = 0). The dashed lines indicate the maximum power
pmbi,max that can be transferred over the transformer at every
time instant (for the specific AC module voltage) for the two
modes. Moreover, the reference power p∗mbi is given as well as
the minimum power pmbi,min in high power mode.
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High power mode

Similar to the low power mode, the AC-side referred transformer leakage
inductance current iLσ,bi in high power mode over a switching cycle
Ts = 2π

ωs
with the angular frequency ωs can be derived using piecewise

linear equations as

iLσ,bi(τ) =



|vbi|
2 + nvBbi

ωsLσ
(τ − τ0) + iLσ,bi(τ0) τ0 ≤ τ ≤ τ1

|vbi|
2

ωsLσ
(τ − τ1) + iLσ,bi(τ1) τ1 ≤ τ ≤ τ2

|vbi|
2 − nvBbi

ωsLσ
(τ − τ2) + iLσ,bi(τ2) τ2 ≤ τ ≤ τ3

− |vbi|
2 − nvBbi

ωsLσ
(τ − τ3) + iLσ,bi(τ3) τ3 ≤ τ ≤ τ4

− |vbi|
2

ωsLσ
(τ − τ4) + iLσ,bi(τ4) τ4 ≤ τ ≤ τ5

− |vbi|
2 + nvBbi

ωsLσ
(τ − τ5) + iLσ,bi(τ5) τ5 ≤ τ ≤ τ6

(4.15)
with τ0 = 0, τ6 = 2π and |vbi| being the absolute value of the instanta-
neous AC module voltage and vBbi the battery voltage. The values of
the transformer current at the switching instants are

iLσ,bi(τ0) = 0, (4.16)

iLσ,bi(τ1) =
|vbi|

2 φbi + nvBbiφbi

ωsLσ
, (4.17)

iLσ,bi(τ2) =
|vbi|

2 (π − τbi + φbi) + nvBbiφbi

ωsLσ
, (4.18)

iLσ,bi(τ3) = 0, (4.19)

iLσ,bi(τ4) = −
|vbi|

2 φbi + nvBbiφbi

ωsLσ
, (4.20)

iLσ,bi(τ5) = −
|vbi|

2 (π − τbi + φbi) + nvBbiφbi

ωsLσ
. (4.21)
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The power pmbi transferred from the AC to the DC side over a
switching cycle is calculated with the integral (4.10) which leads to the
power flow equation dependent on the control variables τbi and φbi

pmbi =
|vbi|nvBbi

(
τbi (π − τbi + 2φbi)− 2φ2

bi

)
4πωsLσ

. (4.22)

From the ZCS condition iLσ,bi(τ0) = iLσ,bi(τ3) = 0 for the AC-side
half-bridge (see Fig. 4.5) the control variable τbi is calculated as

τbi =
|vbi|π + 4nvBbiφbi

2nvBbi
(4.23)

which shows a linear dependency on the phase shift φbi. With the
power flow equation (4.22) set to a reference power p∗mbi and inserting
τbi from (4.23), the phase shift φbi is given as

φbi =
2πnvBbi |vbi| − π |vbi|2 −

√
α

4nvBbi |vbi|
(4.24)

where

α = −32πωsLσnvBbi |vbi| p∗mbi + 4π2n2v2
Bbi |vbi|2 − π2 |vbi|4 . (4.25)

In high power mode the minimum power transfer occurs at the mode
boundary where φbi = 0 and is calculated as

pmbi,min =
π |vbi|2 (2nvBbi − |vbi|)

16nvBbiωsLσ
. (4.26)

The maximum power that can be transferred is obtained by setting the
derivative of (4.22) with respect to φbi to zero after inserting (4.23) for
τbi. The resulting limit is given by

pmbi,max =
π |vbi|

(
4n2v2

Bbi − |vbi|2
)

32nvBbiωsLσ
. (4.27)

Also for the high power mode Fig. 4.6 depicts the evaluated equa-
tions (4.23) and (4.24) for the control variables τbi and φbi. The max-
imum power pmbi,max that can be transferred over the transformer is
shown by the dashed line, the minimum power pmbi,min in this mode by
the dash-dot line.
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ZCS/ZVS conditions

ZCS turn-on and turn-off of the grid-side switches are always main-
tained during the whole AC module voltage period in low power mode
as well as in high power mode by the conditions

iLσ,bi(τ0) = 0, (4.28)

iLσ,bi(τ3) = 0 (4.29)

as presumed above. This is the case both for the low-frequency (switch-
ing at the zero-crossing of the AC module voltage) and the medium-
frequency (with switching period Ts = 2π

ωs
) switched devices. At the low-

frequency switching instants also ZVS is possible since the AC module
voltage crosses zero. The application of ZCS is especially advantageous
when IGBTs are used, so that the tail current at turn-off is substan-
tially reduced as long as there is enough time for most of the minority
carriers to be recombined [140].

ZVS turn-on in the low power mode is maintained as long as the
conditions

iLσ,bi(τ1) > IZVS, (4.30)

iLσ,bi(τ2) < −IZVS (4.31)

are fulfilled for a minimum commutation current IZVS needed to simul-
taneously charge and discharge the output capacitances of the switches
in a bridge-leg within the interlocking interval (resonant transition). At
the switching instants iLσ,bi(τ4), iLσ,bi(τ5), ZVS is then inherently given
by the symmetry of the transformer leakage inductance current shape.
In high power mode, the ZVS conditions are stated as

iLσ,bi(τ1) > IZVS, (4.32)

iLσ,bi(τ2) > IZVS. (4.33)

The application of ZVS is especially beneficial when MOSFETs are
used since these majority carrier devices offer a relatively fast turn-off
at low losses and do not suffer from a tail current like IGBTs [140].
As soon as the MOSFET channel is completely blocked, a resonant
transition of the drain-source voltage starts where the inductive load
current charges the output capacitance of the turned-off MOSFET and
simultaneously discharges the output capacitance of the to-be-turned-
on MOSFET in the same bridge-leg until its antiparallel body diode
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starts to conduct. At this point the MOSFET can be turned on at
(nearly) zero voltage.

The minimal turn-off current of a MOSFET required to achieve
ZVS is in literature usually determined by current based, energy based
or charge based ZVS conditions [103, 141]. Whereas the current based
method only requires the drain-to-source current to be positive in the
MOSFET initiating the commutation, the energy based approach en-
sures the energy stored in the leakage inductance of the transformer is
sufficient enough to charge the energy equivalent linear capacitance of
the parallel connection of two non-linear MOSFET output capacitances
during the interlocking interval [142, 143]. Since the energy based con-
ditions lead to a poor approximation of the leakage inductance current
during the commutation interval, a charge based model is beneficial to
use [103,141].

Applying the model proposed in [141], the charge required to charge
or discharge the output capacitance Coss of a MOSFET in a DC-side
bridge-leg is given by

QC = qC(vBbi) =

∫ vBbi

0

Coss(vC) dvC (4.34)

with qC(vC) being the charge function depending on the voltage vC

across the capacitance Coss which is evaluated at the battery voltage
vBbi. To achieve ZVS, the transformer leakage inductance current iLσ,bi
has to provide a total charge of 2QC. A simple capacitance model can
be stated as

vC(qC) =

0 qC < QC

vBbi qC ≥ QC

(4.35)

by assuming a step voltage change of vC across the parallel connection
of two output capacitances Coss||Coss at half of the required charge to
complete the resonant transition. The charge requirement is formulated
by the current integral ∫

Tc

|iLσ,bi(t)| dt ≥ 2QC (4.36)

over the commutation interval Tc. By evaluating this integral for the
specific commutation intervals following the switching instants τ1, τ2,
the minimum commutation current IZVS can be determined. For ob-
taining simplified charge based ZVS conditions, the leakage inductance
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current iLσ,bi is considered to be constant during the commutation in-
terval Tc what yields

IZVS ≥
2QC

Tc
. (4.37)

The minimum commutation current IZVS cannot be maintained around
the zero-crossing of the phase shift φbi where the mode change occurs
as well as around the zero-crossing of the AC module voltage. In these
regions, the commutation current is not sufficient to charge/discharge
the output capacitances of the MOSFETs within the interlocking in-
terval. Nevertheless, considering also the magnetizing current of the
transformer, which has a positive contribution to the commutation cur-
rent for the battery-side MOSFETs, ZVS can be achieved also around
φbi = 0 except for a very small interval around it [144].

By using ZCS and/or ZVS, hard-switching in terms of a forced diode
commutation by turning on a switching device while the antiparallel
diode of the to-be-turned-off device in the same bridge-leg is conducting
is avoided. Especially for silicon MOSFET devices, the reverse recovery
losses caused by the body diode can be relatively high for devices with
a blocking voltage capability higher than 500 V. Recent developments
in the field of wide band gap semiconductor devices such as silicon car-
bide MOSFETs [145] or gallium nitride FETs [146] show a substantial
reduction in the reverse recovery charge of the body diode, so that
hard-switching operation at high switching frequencies gets possible.

4.3.2 ZVS modulation with variable switching fre-
quency

The above presented ZCS/ZVS modulation guarantees ZCS over the
whole AC module voltage but suffers from losing ZVS in the region
of the mode change. Furthermore, the required mode change to lower
the power transferred over the transformer around the zero-crossing of
the AC module voltage (PFC operation assumed) induces transition
constraints for the control variables, so that the two modes cannot be
optimized independently.

To cope with these drawbacks, only the lagging outer mode and the
leading outer mode for power direction reversal depicted in Fig. 4.7(a)
and Fig. 4.7(b) are considered in the following. These modes allow
AC- and DC-side ZVS at every switching instant as long as the mini-
mum commutation current for the resonant transition is reached. In-

75



4 CASCADED AC-DC DUAL ACTIVE BRIDGE CONVERTER

stead of changing the mode to lower the power transfer around the
zero-crossing of the AC module voltage, the switching frequency is in-
creased. The switching frequency is considered as an additional control
variable which is restricted to a minimum and a maximum value. For
the AC-DC DAB module, in total three degrees of freedom in control
are available which are determined in an optimization procedure shown
below to fulfill the ZVS conditions as well as the power transfer condi-
tion for a minimum transformer leakage inductance peak current.

(a)

(b)

p,biv s,binvLσ,bii

sT sT

0τ

1τ

2τ 3τ 4τ

5τ 6τ

Lσ,bii
p,biv s,binv

sT sT

0τ

1τ

2τ 3τ 4τ

5τ 6τ

sTbig sTbiw sTbig sTbiw

sTbigsTbiw sTbigsTbiw

Figure 4.7: Medium-frequency voltages vp,bi, nvs,bi applied
to the transformer windings of a module and the resulting
leakage inductance current iLσ,bi in lagging outer mode for a
power transfer from the grid to the battery (a) and leading
outer mode for a power transfer from the battery to the grid
(b) over a switching cycle Ts = 1

fs
. The modulation scheme

guarantees grid-side and battery-side ZVS, so that MOSFETs
can be used both at the grid and the battery side.

For the following mathematical analysis, the control variables gbi ∈[
0, 1

2

]
and wbi ∈

[
0, 1

2

]
are introduced which are normalized to the

switching period Ts. The control variables represent the phase shift be-
tween the grid-side and the battery-side square-wave voltages as well as
the width of the battery-side clamping interval (see Fig. 4.7). Due to
the frequency variation, the description with normalized control vari-
ables to Ts is advantageous over the use of an angle-based analysis. The
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turns ratio of the transformer guarantees that nvs,bi > vp,bi in every
point of the AC module voltage vbi (boost mode). Only the derivation
of the modulation in grid-to-battery operation is given in the following.
The derivation of the modulation in battery-to-grid operation can be
done analogously.

Lagging outer mode

By using piecewise linear equations, the AC-side referred transformer
leakage inductance current iLσ,bi in lagging outer mode over a switching
cycle Ts = 1

fs
with the switching frequency fs is given by

iLσ,bi(τ) =



|vbi|
2 + nvBbi

Lσ
(τ − τ0) + iLσ,bi(τ0) τ0 ≤ τ ≤ τ1

|vbi|
2

Lσ
(τ − τ1) + iLσ,bi(τ1) τ1 ≤ τ ≤ τ2

|vbi|
2 − nvBbi

Lσ
(τ − τ2) + iLσ,bi(τ2) τ2 ≤ τ ≤ τ3

− |vbi|
2 − nvBbi

Lσ
(τ − τ3) + iLσ,bi(τ3) τ3 ≤ τ ≤ τ4

− |vbi|
2

Lσ
(τ − τ4) + iLσ,bi(τ4) τ4 ≤ τ ≤ τ5

− |vbi|
2 + nvBbi

Lσ
(τ − τ5) + iLσ,bi(τ5) τ5 ≤ τ ≤ τ6

(4.38)
with τ0 = 0, τ6 = Ts and |vbi| being the absolute value of the instanta-
neous AC module voltage and vBbi the battery voltage. The values of
the transformer current at the switching instants are

iLσ,bi(τ0) = −
|vbi|

2 + nvBbi (4gbi + 2wbi − 1)

4fsLσ
, (4.39)

iLσ,bi(τ1) =
|vbi|

2 (4gbi − 1)− nvBbi (2wbi − 1)

4fsLσ
, (4.40)

iLσ,bi(τ2) =
|vbi|

2 (4gbi + 4wbi − 1)− nvBbi (2wbi − 1)

4fsLσ
, (4.41)
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iLσ,bi(τ3) =
|vbi|

2 + nvBbi (4gbi + 2wbi − 1)

4fsLσ
, (4.42)

iLσ,bi(τ4) = −
|vbi|

2 (4gbi − 1)− nvBbi (2wbi − 1)

4fsLσ
, (4.43)

iLσ,bi(τ5) = −
|vbi|

2 (4gbi + 4wbi − 1)− nvBbi (2wbi − 1)

4fsLσ
. (4.44)

The power pmbi transferred from the AC to the DC side over a
switching cycle is calculated with the integral (4.10) which leads to the
power flow equation depending on the control variables gbi, wbi (and
fs)

pmbi =
|vbi|nvBbi

(
2gbi − 4g2

bi + wbi − 2w2
bi − 4gbiwbi

)
4fsLσ

. (4.45)

In lagging outer mode, the power transfer pmbi can be reduced down
to zero. The upper limit of the power transfer is obtained by setting
the derivatives of pmbi with respect to gbi and wbi to zero what results
in

pmbi,max =
|vbi|nvBbi

16fsLσ
(4.46)

at the control variables gbi = 1
4 and wbi = 0.

ZVS conditions

For maintaining ZVS turn-on in the lagging outer mode, the conditions

iLσ,bi(τ0) < −IZVS, (4.47)

iLσ,bi(τ1) > IZVS (4.48)

have to be fulfilled for a minimum commutation current IZVS needed
to simultaneously charge and discharge the output capacitances of the
switches in a bridge-leg within the interlocking interval (resonant tran-
sition). At the time instant τ2, ZVS is inherently given as long as the
condition at τ1 is met, since iLσ,bi(τ2) ≥ iLσ,bi(τ1). At the switching
instants iLσ,bi(τ3), iLσ,bi(τ4), iLσ,bi(τ5), ZVS is then inherently given by
the symmetry of the transformer leakage inductance current shape. The
minimal turn-off current IZVS can be obtained from the charge based
model described above in Section 4.3.1 for the applied MOSFETs in a
module design.
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Optimal control variables

For determining the control variables in the lagging outer mode under
ZVS conditions, a numerical optimization is performed with the cor-
responding flow chart shown in Fig. 4.8. The solutions of the control
variables are given numerically which can be stored in a lookup table
(LUT). No closed-form analytical solutions are derived.

The objective of the optimization is to minimize the absolute value of
the transformer leakage inductance current |iLσ,bi| at the time instants
τ0 and τ1 for a minimal commutation current while maintaining the ZVS
conditions and simultaneously guarantee the corresponding power flow
over a switching cycle which leads to a sinusoidal AC module current. In
this way, the reactive power (shaded areas in Fig. 4.7), that is required
for ZVS, is kept minimal what in turn leads to minimal transformer
leakage inductance peak currents.

Optimal control variables
over AC module voltage

Global optimization algorithm

Minimize objective functions

Change point in time

Change set of variables

b
∗Î,Bbi, vσn,L

Module parameters

Loop over AC module voltage

Control variables

Evaluate objective functionsEvaluate constraints

Calculate power flow )t, x(mbip

Optimal control variables

Calculate current ), x0τ(Lσ,bii

Calculate current ), x1τ(Lσ,bii
Calculate current |), x1τ(Lσ,bii|

Calculate current |), x0τ(Lσ,bii|

]sbi, Tbi, wbig= [x

]sbi, Tbi, wbig= [x

)t(biv

Figure 4.8: Flow chart of the optimization algorithm to de-
rive optimal control variables gbi, wbi, Tsbi for ZVS conditions
for a given set of module parameters n,Lσ, vBbi and a refer-
ence current amplitude Î∗b . The optimization is carried out
in every point vbi(t) of the AC module voltage applying a
corresponding discretization.
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The minimization of the leakage inductance peak current in every
switching cycle leads to the maximum module efficiency as shown in
Fig. 4.9 for different parameterizations with the switching frequency
fsbi and the module power pmbi. There, the efficiencies at the peak AC
module voltage vbi = 325 V and the DC voltage vBbi = 350 V of a mod-
ule prototype system described below in Section 4.5 are evaluated by
iterating over the phase shift gbi ∈

[
0, 1

2

]
for a constant switching fre-

quency fsbi and a given power operating point pmbi. With an increasing
phase shift gbi, the clamping interval wbi is decreased to keep the mod-
ule power pmbi constant. As the phase shift increases, also the leakage
inductance peak current iLσ,bi(τ2) (see Fig. 4.7(a)) increases and the
module efficiency drops. The starting point of the phase shift, where
the efficiency exhibits its maximum, guarantees that iLσ,bi(τ0) < 0 as
well as iLσ,bi(τ1) > 0.
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Figure 4.9: Module efficiencies for a module prototype sys-
tem described in Section 4.5 depending on the transformer
leakage inductance peak current iLσ,bi(τ2) for different param-
eterizations with the switching frequency fsbi and the module
power pmbi. The efficiencies are given at the peak AC module
voltage vbi = 325 V and the DC voltage vBbi = 350 V at a
given power operating point pmbi.

For the ZVS modulation with variable switching frequency, there
are three degrees of freedom in the modulation scheme. These are the
phase shift gbi, the length of the clamping interval wbi and the switching
period Tsbi. At each point of the AC module voltage, the optimization
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problem is formulated as

min
x

(|iLσ(τ0, x)| , |iLσ(τ1, x)|) (4.49)

with respect to

x =

 gbi

wbi

Tsbi

 with xlb =

 0
0

Tsbi,min

, xub =

 1
2

1
2 − gbi

Tsbi,max

 (4.50)

where x denotes the vector of control variables which is restricted to
lower and upper bounds xlb, xub respectively. The first constraint is
given by the power equality constraint

pmbi(t, x) = p∗mbi(t) (4.51)

with the reference of the instantaneous power p∗mbi(t) for a given input

current amplitude Î∗b

p∗mbi(t) = V̂biÎ
∗
b sin2(ωt) (4.52)

for the simplified case and

p∗mbi(t) = V̂biÎ
∗
b sin2(ωt)− ωCac

2
V̂ 2

bi sin(ωt) cos(ωt) (4.53)

for considering also the compensation of the reactive power of the input
capacitors Cac. Further constraints are given by the minimum commu-
tation current IZVS for ZVS as

|iLσ(τ0, x)| ≥ IZVS, (4.54)

|iLσ(τ1, x)| ≥ IZVS. (4.55)

Fig. 4.10 shows the obtained control variables gbi, wbi and fsbi =
1
Tsbi

over a 50 Hz grid half-cycle for one module design example. Around
the zero-crossing of the AC module voltage, the switching frequency fsbi

is increased to lower the output power and reaches its maximum which
is set to 120 kHz. Similar, the phase shift gbi is increased with lower
output power which guarantees a triangular-like transformer leakage
inductance current that is required to maintain ZVS also around the
zero-crossing of the AC module voltage. For a high power transfer at
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2 ms up to 8 ms (see Fig. 4.10), wbi stays rather constant and the power
is controlled mainly by the phase shift gbi and the switching frequency
fsbi.
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Figure 4.10: Control variables gbi, wbi, fsbi = 1
Tsbi

obtained
by the optimization process depicted in Fig. 4.8 plotted over
a 50 Hz grid half-cycle in lagging outer mode for a module
design example with the parameters Vbi,rms = 230 V, VBbi =
350 V, n = 10/13, Lσ = 20 µH, fsbi,min = 20 kHz, fsbi,max =
120 kHz and a reference grid current I∗b,rms = 16 A neglecting
the reactive power compensation of the filter capacitors Cac

(assuming ICbi = 0).

4.4 Converter control

The control of the cascaded AC-DC DAB converter with an integrated
battery energy storage system is divided into a top-level and a module-
level control as shown in Fig. 4.11. The objectives of the top-level
control are obtaining the grid and phase angles by means of phase-locked
loops (PLLs), controlling the grid current in the dq-frame and balancing
the average state of charge (SOC) values of the storage batteries over
the three phases. On the module level, the SOCs of the batteries in one
phase are balanced and the grid-side module voltages are controlled.
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For the modulation scheme with fixed switching frequency, the mod-
ules in the same phase are interleaved at the grid side by shifting their
phase shift references by multiples of 2π

N in order to reduce the ripple of
the grid current and to keep the grid filter inductance values Lac low.

4.4.1 Grid and phase PLLs

For the grid current control in the dq-frame, the grid PLL in Fig. 4.11
obtains the grid angle εabc of the three-phase grid. Moreover, for the
module-level voltage control in dq-coordinates, the angles εa, εb, εc
of the phase voltages are required which are obtained by the phase
PLLs (see Fig. 4.11). A separate grid PLL is implemented because
during unbalanced grid voltage conditions the angle εabc differs from
εa. Furthermore, deriving εabc from the phase angles εa, εb, εc would
require the measurement of the peak phase voltages at a reasonable
sampling rate.

For a single-phase PLL, only the α-component is available, the β-
component has to be constructed. This is done by using an orthogonal
system generator (OSG) implemented with a second order generalized
integrator (SOGI) structure as proposed in [147,148]. The OSG-SOGI
structure filters the measured input voltage and delivers two clean or-
thogonal voltage waveforms [148].

4.4.2 Grid current control

The grid current control in dq-coordinates depicted in Fig. 4.11 takes
the grid currents i∗d, i∗q as reference values and outputs the reference
voltages in the time domain v∗Ma, v∗Mb, v∗Mc of all series-connected mod-
ules in a phase leg [91]. These reference values are adjusted by the
phase SOC balancing control as described below, then divided by the
number of modules N in a phase and passed to the module-level control
of each module. The current controllers for d- and q-axis have both a
proportional and integral part.

4.4.3 Phase SOC balancing

The objective of the phase SOC balancing control as part of the top-
level control is to equalize the average SOC values among the phase
legs by means of zero-sequence voltage injection as described in [51].
By adding the zero-sequence voltage v∗0 to the phase reference voltages
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v∗Ma, v∗Mb, v∗Mc as shown in Fig. 4.11, an unequal active power can be
drawn in each phase without drawing negative-sequence current at the
grid side.

The average SOC values in the three phases are given by

SOCa =
1

N

N∑
i=1

SOCai, (4.56)

SOCb =
1

N

N∑
i=1

SOCbi, (4.57)

SOCc =
1

N

N∑
i=1

SOCci (4.58)

whereas the reference SOC in a phase leg is the average value of the
SOCs of all batteries in the system calculated as

SOCabc =
1

3
(SOCa + SOCb + SOCc) . (4.59)

The deviations from the reference values in each phase can then be
written as

∆SOCa = SOCabc − SOCa, (4.60)

∆SOCb = SOCabc − SOCb, (4.61)

∆SOCc = SOCabc − SOCc (4.62)

which are transformed to αβ-coordinates to form a deviation vector
∆SOCv0 · ejδv0 . For compensating the phase SOC deviations, the zero-
sequence voltage according to

v∗0 = K0 ·∆SOCv0 · cos(εabc + δi − δv0) (4.63)

with

δi = arctan

(
iq
id

)
(4.64)

is added to the phase reference voltages as depicted in Fig. 4.11, where
K0 defines a proportional gain, εabc corresponds to the grid voltage
angle obtained by the grid PLL and δi represents the angle of the grid
current space vector. The overall three-phase power transfer is not
affected by the zero-sequence voltage injection since the sum of the
three phase currents ia, ib, ic is zero due to the open star point.
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4.4.4 Battery SOC balancing

The battery SOC balancing control acts as a part of the module-level
control to ensure balancing the SOCs among the batteries in the same
phase leg. For the cascaded AC-DC DAB converter, this is done by
adjusting the module voltage references (see Fig. 4.11) to draw the
specific amount of active power in each module needed to balance the
SOCs.

With the measured battery SOCai, SOCbi, SOCci, the deviation of
the SOC of a battery i from the average phase SOC value is calculated.
The deviations for phases a, b, c are given by

∆SOCai = SOCa − SOCai, (4.65)

∆SOCbi = SOCb − SOCbi, (4.66)

∆SOCci = SOCc − SOCci. (4.67)

To equalize the SOCs among the batteries in one phase, the control
adds the voltages ∆v∗ai, ∆v∗bi, ∆v∗ci according to the control laws

∆v∗ai = K1 ·∆SOCai · cos (εabc + δi) , (4.68)

∆v∗bi = K1 ·∆SOCbi · cos

(
εabc −

2π

3
+ δi

)
, (4.69)

∆v∗ci = K1 ·∆SOCci · cos

(
εabc −

4π

3
+ δi

)
(4.70)

as depicted in Fig. 4.11, where δi corresponds to the angle of the grid
current space vector. For positive ∆SOCai, ∆SOCbi, ∆SOCci, the
power flowing into the batteries has to be increased which is done by
increasing the grid-side module voltages. Accordingly, negative SOC
deviations lead to a decrease of the module voltages. The upper limit of
the grid-side module voltage is defined by the blocking voltage rating of
the applied switching devices considering common safety margins. The
limiters are shown in Fig. 4.11 which output the reference voltages v∗ai,
v∗bi, v

∗
ci for the module-level voltage controllers.
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4.4.5 Module voltage control

In order to enable balancing the SOCs of the batteries, the power dis-
tribution among the modules has to be varied. This can be done only
by controlling the grid-side voltages of the series-connected modules
in a phase leg while maintaining the sum of all module voltages equal
to the reference voltage of the grid current control. This approach is
similar to the conventional CHB converter where the balancing control
of the DC-side capacitors or batteries is based on varying the ampli-
tudes of the PWM generated sinusoidal voltages of an H-bridge module
[51, 91, 93, 96]. Nevertheless, in the cascaded AC-DC DAB converter,
the module voltage cannot directly be controlled, rather it is controlled
indirectly via the power flow over the module transformer.
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system
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dq Module control
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(4.12-4.13), (4.23-4.24)
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Figure 4.12: Overview of the module voltage control at the
grid side in the dq-frame, exemplarily shown for a module
i in phase b applying the ZCS/ZVS modulation with fixed
switching frequency described in Section 4.3.1. In case of the
ZVS modulation with variable switching frequency, the mod-
ule control variables calculation is replaced by a LUT to store
the control variables obtained by the numerical optimization
(see Section 4.3.2).

The voltage control is performed in the dq-frame of the respective
phase as exemplarily shown in Fig. 4.12 for phase b and the ZCS/ZVS
modulation with fixed switching frequency described in Section 4.3.1.
The transformation angles εa, εb, εc are obtained from the correspond-
ing phase PLLs. The calculation of the αβ-components of the measured
module voltage vbi and the reference v∗bi is done by using the same OSG-
SOGI structure [148] as for the single-phase PLLs described above.

Two proportional controllers with feed-forward of the voltage ref-
erence values v∗bi,d, v∗bi,q are used to generate a voltage reference sig-
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nal v∗bi,p in the time domain which is multiplied by the phase current
reference i∗b to get the desired module transfer power p∗bi (assuming
i∗Cbi = 0).

For the ZCS/ZVS modulation with fixed switching frequency, the
control variables φbi, τbi can be calculated using (4.12), (4.13), (4.23)
and (4.24) taking also the measured battery voltage vBbi into account.
In the case of the ZVS modulation with variable switching frequency
presented in Section 4.3.2, the control variables gbi, wbi, Tsbi are ob-
tained by the numerical optimization shown in Fig. 4.8 and stored in
a LUT.

4.5 Module design

For validating the ZVS modulation with variable switching frequency
presented in Section 4.3.2, a 3.3 kW AC-DC DAB module to connect to
a 230 V AC voltage and a DC-side storage battery pack with a voltage
range of 280 V up to 420 V is designed and built. The converter system
is not only a module in the cascaded AC-DC converter, in fact it can
be also used as a stand-alone single-phase bidirectional isolated AC-DC
converter with PFC for instance for electric vehicle battery chargers for
lithium-ion batteries. The parameters of the module prototype system

Table 4.3: Parameters of the AC-DC DAB module prototype
system.

Mains voltage Vbi 230 V

Mains frequency fg = 1/Tg 50 Hz

Battery voltage VBbi 280 V. . . 420 V

Nominal output power Pmbi 3.3 kW

Switching frequency fsbi 20 kHz. . . 120 kHz

Transformer turns ratio n 10/13

Transformer leakage inductance Lσ 20 µH

Transformer magnetizing inductance Lm 11 mH

Inductors Lac, Ldc 100 µH

Capacitors Cac 10 µF

Capacitor Cdc 20 µF
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are given in Tab. 4.3 and are thoroughly discussed based on the selected
components and the applied loss models in the following.

4.5.1 Power components

In order to evaluate the AC-DC DAB module efficiencies at different
operating points, the module components with their applied loss models
are discussed. Tab. 4.4 summarizes the components of the module
prototype system.

Power MOSFETs

Since the applied modulation scheme guarantees ZVS at every switch-
ing instant, MOSFET devices with a comparable low on-state resistance
are chosen. The used device is a 650 V MOSFET with an on-state resis-
tance of 14 mΩ at 25 ◦C from STMicroelectronics [149]. The hardware
prototype applies two MOSFETs in parallel for all switches.

The MOSFET loss model is based on data sheet parameters and
described in Section B.1.2. The gate drive losses are modeled according
to Section B.1.3.

Transformer

For the ZVS modulation with variable switching frequency, the trans-
former turns ratio has to guarantee

nvBbi >
V̂bi

2
(4.71)

at the lowest battery voltage of 280 V with the battery voltage v′Bbi =
nvBbi referred to the AC side of the transformer.

Furthermore, the leakage inductance Lσ is designed such that the
peak of the instantaneous power P̂mbi = V̂biÎ

∗
b (neglecting the reactive

power term in (4.53)) at full input power of 3.68 kW can be transferred
at the lowest switching frequency of fsbi,min = 20 kHz and the lowest
battery voltage of vBbi,min = 280 V. Using (4.46) and solving for Lσ
leads to the design equation

Lσ =
V̂binvBbi,min

16fsbi,minP̂mbi

. (4.72)
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Table 4.4: Components of the AC-DC DAB module proto-
type system.

MOSFETs S1a, S1b, S2a, S2b 2x STY139N65M5, 650 V, 14 mΩ

MOSFETs S3, S4, S5, S6 2x STY139N65M5, 650 V, 14 mΩ

Transformer 2x 2x AMCC-4 VITROPERM 500F

10 primary turns, 120 µm copper foil

13 secondary turns, 120 µm copper foil

Inductors Lac, Ldc 2x Kool Mu E 4317 26u, 27 turns

Litz wire, 20 strands, 0.355 mm

Capacitors Cac 18x Syfer 1825J500564KX, 560 nF

Capacitor Cdc 36x Syfer 1825J500564KX, 560 nF

The transformer is built of two AMCC-4 C-cores [150] made of
nanocrystalline VITROPERM 500F [151] material forming an E-core.
To increase the core area, two of them are stacked. The AC-side wind-
ing is wound around the center leg and the DC-side winding around
the center and an outer stray leg as shown in Fig. 4.13(a) [152]. In
Fig. 4.13(b), also the reluctance model of the transformer is given.
An air gap of length δσ is inserted in the stray leg to adjust the desired
leakage inductance which is approximately given by

Lσ =
N2

p

Rσ
=
N2

pµ0µrAe

δσ
(4.73)

assuming that the air gap contributes to the main part of the stored
energy of the stray magnetic field and that the fringing field is negligible
small for a small δσ. A practical realization of the transformer ideally
uses a distributed air gap to keep the fringing field low [152]. Np is the
AC-side number of turns and Ae denotes the core cross section area.
The reluctance Rm3 in the stray leg (also contributing to the leakage
inductance, see Fig. 4.13(b)) can be neglected as with a relative per-
meability of around µr = 20 000 of the VITROPERM 500F material
[151] it is several orders of magnitude smaller than the leakage reluc-
tance Rσ. In the loss model, the core losses are calculated by applying
the improved generalized Steinmetz equation (iGSE) as described in
Section B.2.2.

For the AC- and DC-side windings, copper foil is used where the
optimal foil thickness is calculated according to [153] which gives a
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minimum value of effective AC resistance. These values are 132 µm
and 116 µm. For the hardware prototype, 120 µm copper foil is chosen
with 10 primary and 13 secondary turns. The skin and proximity effect
losses in the foil conductors for each current harmonic are calculated
with the loss models given in Section B.2.1 considering a 1D magnetic
field approximation.

σδ

Winding ip,bW Winding is,bW

(a)

σR

m1Rm2R m3R

is,bΦ ip,bΦ

(b)

Figure 4.13: 2D drawing of the transformer consisting of
four C-cores with the AC-side winding Wp,bi wound around
the inner leg and the DC-side winding Ws,bi wound around
the inner and the right-hand sided stray leg (a). By inserting
an air gap of length δσ in the stray leg, the leakage inductance
Lσ is adjusted. In (b) the reluctance model is depicted with
the flux sources Φp,bi and Φs,bi.

Inductors

For the AC- and DC-side inductors Lac, Ldc, two stacked E-cores of type
Kool Mu 4317 with material 26u from Magnetics [154] are used with the
winding placed around the center leg. Powder cores are ideally suited
for the hardware prototype because they offer a distributed air gap
and a high saturation flux density. This is advantageous over a ferrite
core with a large air gap exhibiting considerable fringing magnetic field.
Both inductors are wound with litz wire with 20 strands of diameter
0.355 mm and a number of turns of 27, so that a minimum inductance
value of 100 µH is guaranteed at the highest peak current.

Again, the core losses are calculated by using the iGSE as given in
Section B.2.2, the Steinmetz parameters are obtained from the material
curves provided by the manufacturer [155]. The skin and proximity
effect losses in the litz wire for each current harmonic are calculated
according to Section B.2.1 with a 1D magnetic field approximation.
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Capacitors

For the AC- and DC-side capacitors Cac, Cdc, paralleled 560 nF, 500 V
ceramic capacitors with dielectric X7R from Syfer [156] are used. For
achieving high power densities, multilayer ceramic capacitors are ide-
ally suited because they offer comparable high energy densities and
allow high current ripples. The applied loss model by considering the
equivalent series resistance (ESR) from the manufacturers data sheet is
discussed in Section B.3.

Auxiliary losses

Besides the load-dependent losses shown in the previous sections, a
constant loss share of 6 W for the pre-charging relay, the FPGA control
board, the sensing and the fans is considered. Furthermore, the EMI
filter losses are approximated by an equivalent resistance of 4 mΩ.

Cooling system

The number of semiconductors basically defines the base plate size of
the heat sink as 80 mm× 65 mm for the AC- and DC-side switching de-
vices, so that a double-sided heat sink can be used. Two 40 mm× 40 mm
fans of type San Ace 40 are applied for forced convection cooling. Af-
ter optimizing the cooling system as described in [157] considering a
minimum fin thickness of 1 mm and a minimum fin spacing of 2 mm, a
thermal sink to ambient resistance of Rth,s-a = 0.32 K/W results which
in turn leads to a cooling system performance index (CSPI) of 9.86.

4.5.2 Efficiency calculations

For the previously described module design with its components and
loss models, the efficiencies over the output power range are calculated
for battery voltages of 280 V, 350 V and 420 V. The results are shown
in Fig. 4.14. Additionally, the efficiency curve applying the phase
shift modulation for an output voltage of 350 V is shown where the
MOSFETs are partly operated under hard-switching conditions so that
the reachable efficiency is comparably low. For low output power, the
efficiency curves diverge because of the high transformer leakage induc-
tance peak currents occurring at high output voltages. In low power
mode, mainly a triangular-like leakage inductance current occurs at the
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maximum switching frequency of 120 kHz where the peak current is di-
rectly proportional to the output voltage. With the presented design
of the AC-DC DAB module and the application of the described loss
models, a maximum theoretical efficiency of 97 % at an output power
of 2.5 kW and the lowest battery voltage of 280 V is predicted.
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Figure 4.14: Calculated efficiencies of the AC-DC DAB
module applying the ZVS modulation with variable switch-
ing frequency (see Section 4.3.2) over the output power range
for the battery voltages 280 V, 350 V and 420 V. The hard-
ware prototype discussed in Section 4.5.3 exhibits an efficiency
of around 95 % at an output voltage of 350 V. Additionally,
the efficiency curve applying the phase shift modulation at an
output voltage of 350 V is shown.

Transformer: 26%

Inductors: 10%
Capacitors: 1%

Auxiliary: 10%

Power MOSFETs: 53%

Figure 4.15: Calculated loss distribution between the AC-
DC DAB module components at the maximum output power
of 3.56 kW and a battery voltage of 350 V applying the
ZVS modulation with variable switching frequency (see Sec-
tion 4.3.2).
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The loss distribution between the module components at the max-
imum output power of 3.58 kW and a battery voltage of 350 V is de-
picted in Fig. 4.15. The major parts of the losses represent the MOS-
FET losses with a percentage of 53 % and the transformer losses with
a percentage of 26 %. The remaining percentage accounts for the losses
occurring in the AC- and DC-side filter inductors and capacitors as well
as the auxiliary losses for the sensing, the control and the cooling.

4.5.3 Hardware prototype

For validating the theoretical analysis of the ZVS modulation with vari-
able switching frequency, the above discussed AC-DC DAB module de-
sign is realized as an electric vehicle battery charger for lithium-ion
batteries with a 3.3 kW nominal output power to connect to the single-
phase AC mains. A photograph is shown in Fig. 4.16. The parameters
of the hardware prototype are given above in Tab. 4.3 with the previ-
ously presented components listed in Tab. 4.4.

FPGA control board

10
0 

m
m

75 mm

180
 mm

Transformer

AC-side PCB

DC-side PCB

Power MOSFETs (AC side)

Filter inductor (AC side)

EMI filter

Gate drives (AC side)

Figure 4.16: Photograph of the hardware prototype sys-
tem for experimental verification of the ZVS modulation with
variable switching frequency (see Section 4.3.2).

The control of the DAB module is based on a PLL for the synchro-
nization to the AC mains voltage vbi, a LUT to store the optimal control
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variables gbi, wbi, Tsbi obtained from the numerical optimization shown
in Fig. 4.8 as well as a PI controller for adjusting the switching period
Tsbi to shape the AC input current ib. An overview of the control is
depicted in Fig. 4.17 with the details discussed in the following.
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Figure 4.17: Overview of the AC-DC DAB module control
including the mains PLL to determine the mains angle εbi, a
LUT to store the optimal control variables gbi, wbi, Tsbi as
well as a PI controller for adjusting the switching period Tsbi

to shape the AC input current ib.

Mains PLL

The mains PLL includes an orthogonal system generator (OSG) im-
plemented with a second order generalized integrator (SOGI) structure
as proposed in [147, 148]. With the OSG-SOGI structure, two clean
orthogonal voltage waveforms vα, vβ are constructed. These are then
transformed into rotating dq-coordinates and vd is controlled to zero
(synchronization to a sinusoidal waveform) to derive the mains angle
εbi.

Lookup table (LUT)

The LUT stores the optimal control variables gbi, wbi, Tsbi for an AC
mains half-wave dependent on the mains angle εbi and parameterized
with the battery voltage vBbi and the reference current amplitude Î∗b .
The output of the switching period Tsbi serves as a feed-forward value
for the PI controller that adds a ∆Tsbi to it as shown in Fig. 4.17. The
resulting T ∗sbi gets then multiplied by gbi and wbi.

Switching signals state machine

The switching signals state machine generates the gate signals for the
switches S1a, S1b, S2a, S2b, S3, S4, S5, S6 from gbiT

∗
sbi, wbiT

∗
sbi, T

∗
sbi
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according to Fig. 4.18. There, only the gating signals for the power
flow from the AC mains to the battery side for the ZVS modulation with
variable switching frequency are shown (the modulation corresponds
to the lagging outer mode depicted in Fig. 4.7(a)). The interlocking
interval is set to a fixed time ti depending on the switching speed of the
used MOSFETs and the commutation paths (parasitic inductances) of
the PCB layout.
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Figure 4.18: Switching states of the switches S1a, S1b, S2a,
S2b, S3, S4, S5, S6 of the AC-DC DAB module during a
switching cycle Tsbi for the ZVS modulation with variable
switching frequency (see Section 4.3.2). ti denotes the inter-
locking time which is set to a constant value over the whole
50 Hz grid cycle, despite the variable switching frequency.
During the positive half-cycle of the module voltage vbi, the
switches S1b and S2b are constantly on whereas for the nega-
tive half-cycle S1a and S2a are constantly on.
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PI controller

For the PI controller design, the small-signal transfer function from
∆Tsbi to ∆ib is derived from (4.45) and given as

Gp =
∆ib

∆Tsbi
=
nvBbi

(
2gbi − 4g2

bi + wbi − 2w2
bi − 4gbiwbi

)
4Lσ

. (4.74)

Since the AC-DC DAB module is not operated near the resonant
frequency of the resonant tank formed by the capacitors Cac, Cdc and
the leakage inductance Lσ, the dynamics of these passive elements can
be neglected what has been also a prerequisite for describing iLσ,bi with
linear equations. The transfer function Gp is mainly dependent on the
mains angle εbi (indirectly via the control variables gbi(εbi), wbi(εbi))
and the battery voltage vBbi. To compensate the voltage dependencies,
the proportional and integral gain of the PI controller are scaled by

K =
1

Gp
=

4Lσ
nvBbi (2gbi − 4g2

bi + wbi − 2w2
bi − 4gbiwbi)

(4.75)

such that

KP = KK̃P, (4.76)

KI = KK̃I (4.77)

where K̃P, K̃I are the constant gains and KP, KI the effective and
adaptive ones. The closed-loop transfer function can be written as

Gcl =
GPIGp

1 +GPIGp
=

K̃I + K̃Ps

K̃I + (1 + K̃P)s
(4.78)

with GPI being the transfer function of the PI controller

GPI = KP +
KI

s
= K

(
K̃P +

K̃I

s

)
. (4.79)

By setting K̃P = 0, the closed-loop transfer function can be simplified
to a first-order system

Gcl =
1

1 + 1

K̃I
s

(4.80)
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where the rise time from 10 % to 90 % of the steady-state value in the
step response is given by

tr =
2.2

K̃I

. (4.81)

Since the controller tracks a sinusoidal waveform, the rise time should
be kept small in the magnitude of a few switching periods Tsbi,max at
the lowest switching frequency. With a rise time of tr = 100 µs, the
controller gains are determined to be K̃P = 0 and K̃I = 22’000 for the
hardware prototype.

4.5.4 Experimental verification

For conducting experiments at the hardware prototype, the control of
the DAB module (see Fig. 4.17) is implemented in VHDL on an Al-
tera Cyclone IV [158] FPGA device. The optimization of the control
variables is done offline with the results stored in LUTs on the FPGA.
The interlocking time for the used switching devices is set to 500 ns. For
each parallel connection of two MOSFETs, a 10 nF ceramic capacitor is
placed in parallel in order to limit the dids/dt and therefore the ringing
of the drain-source voltage vds at the end of the resonant transition.
Under these circumstances, a minimum commutation current IZVS of
5 A per device is found to be sufficient for achieving ZVS over the whole
AC mains cycle.
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Figure 4.19: Overview of the measurement setup to conduct
experiments at the AC-DC DAB module (device under test
- DUT). The storage battery is simulated by a 1 kV, 10 kW
DC source operated in constant voltage mode at 350 V. A
resistive load is connected via a series protection diode to
draw a current of 15 A from the DC source when the DAB
module is switched off. In this way, the power can flow from
the AC to the DC side of the DAB module.
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The experiments are conducted by using an AC source capable of
delivering 8 A at 230 V connected to the input of the hardware prototype
and a 1 kV, 10 kW DC source connected to the output of the hardware
prototype to simulate a battery voltage of 350 V (see Fig. 4.19). A
resistive load draws 15 A via a series protection diode from the DC
source when the DAB module is switched off. In this way, the power
can flow from the AC input of the module to the DC output preventing
power flowing back into the DC supply. Furthermore, the over-voltage
protection of the DAB module monitors the DC link voltage vdc and
trips in case of a rapid voltage rise. Additionally, a damping resistor
in series to the AC input is inserted to prevent oscillations between the
AC source and the input filter of the DAB module.
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Figure 4.20: Measured AC input current ib and AC input
voltage vbi for an input current reference Î∗b =

√
2 · 8 A and

a DC output voltage of 350 V in AC-to-DC operation for a
mains voltage of 230 V.

For the measurements, the AC current controller described above
is enabled and its reference set to 8 A. Fig. 4.20 shows the measured
AC input current ib together with the AC input voltage vbi whereas
Fig. 4.21 depicts the measured DC output current iBbi and the DC
link voltage vdc across the capacitor Cdc.
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Figure 4.21: Measured DC output current iBbi and DC link
voltage vdc for an input current reference Î∗b =
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a DC output voltage of 350 V in AC-to-DC operation for a
mains voltage of 230 V.
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Figure 4.22: Measured transformer leakage inductance cur-
rent iLσ,bi and transformer voltage vp+,bi (transformer con-
nection p+ to negative AC input rail) for an input current
reference Î∗b =

√
2 · 8 A and a DC output voltage of 350 V in

AC-to-DC operation for a mains voltage of 230 V.
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4.5 MODULE DESIGN

During the zero-crossing of the AC voltage, all MOSFETs are opened
for a short time period, so that ib starts to ring when the switching op-
eration is started again. Oscillations can also be seen in the DC output
current iBbi when it touches the zero-line.

The measurements of the voltages and the currents at the trans-
former are given in Fig. 4.22 and Fig. 4.23. The transformer leakage
inductance current iLσ,bi exhibits the typical envelope with twice the
AC input voltage frequency. The transformer voltage vp+,bi measured
from point p+ to the negative AC input rail shows square-wave volt-
ages with amplitudes following the AC input voltage. During the first
half-wave of the input voltage, the amplitudes are positive, during the
second half-wave they are negative. The transformer voltages vs+,bi,
vs−,bi are measured from points s+, s− to the negative DC output rail
and show square-wave voltages with a constant amplitude of the DC
output voltage.
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Figure 4.23: Measured transformer leakage inductance cur-
rent iLσ,bi and transformer voltages vp+,bi, vs+,bi, vs−,bi
(transformer connection p+ to negative AC input rail, trans-
former connections s+, s− to negative DC output rail) for an
input current reference Î∗b =

√
2 ·8 A and a DC output voltage

of 350 V in AC-to-DC operation for a mains voltage of 230 V.

The postprocessing of the waveforms ib, vbi from Fig. 4.20 leads
to a total harmonic distortion (THD) of 2.89 % and a power factor
(PF) of 0.9992 at the given operating point. The AC input current
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4 CASCADED AC-DC DUAL ACTIVE BRIDGE CONVERTER

harmonics compared to the IEC 61000-3-2 class A standard are given
in Fig. 4.24. It can be seen, that the proposed ZVS modulation scheme
with variable switching frequency guarantees full compliance of the AC-
DC DAB module with the IEC standard.
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Figure 4.24: Experimental AC input current harmonics
compared to the IEC 61000-3-2 class A standard for an in-
put current reference Î∗b =

√
2 · 8 A and an output voltage of

350 V in AC-to-DC operation for a mains voltage of 230 V.

Besides the oscilloscope measurements presented above for validat-
ing the developed ZVS modulation scheme with variable switching fre-
quency, the instantaneous input power pbi as well as the instantaneous
output power pBbi of the AC-DC DAB module are measured as de-
picted in Fig. 4.19. With the power analyzer LMG670 from ZES ZIM-
MER [159], the power curves shown in Fig. 4.25 are obtained. The
power curves exhibit the typical sinusoidal waveform with twice the
AC mains frequency. The ringing of the DC output current iBbi during
the zero-crossing of the mains voltage vbi, when the switching opera-
tion is started again after a small dead time (see Fig. 4.21), leads also
to oscillations seen in the output power curve pBbi. The DC output
voltage vBbi during that time stays constant without any oscillations
observed.

The measured efficiency is determined to be 95 % for an AC mains
voltage of 230 V, a DC output voltage of 350 V and an input current
reference of 8 A. The power density is around 2.5 kW/L. The measure-
ment at 1.7 kW output power is compared to the calculated efficiency
curves in Fig. 4.14. From the calculation with the applied loss models
presented in Section 4.5.1 an efficiency of around 96 % is obtained. The
difference in losses is mainly due to the assumption of relatively small
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switching losses of the MOSFETs under ZVS conditions. The applied
device STY139N65M5 [149] exhibits a relatively small on-state resis-
tance but a large output capacitance which demands a corresponding
commutation current for the resonant transition during the interlocking
interval. Increased minimal currents at the switching instants in combi-
nation with a slow turn-off of the MOSFET have a substantial impact
on the semiconductor losses. By using devices with an improved switch-
ing behavior as for example from the 650 V CoolMOSTM C7 series [160],
the efficiency of the hardware prototype could be further increased.
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Figure 4.25: Measured input power pbi and output power
pBbi of the AC-DC DAB module (see Fig. 4.19) for an input
current reference Î∗b =

√
2 · 8 A and a DC output voltage of

350 V in AC-to-DC operation for a mains voltage of 230 V.

4.6 System simulation

The cascaded AC-DC DAB converter is simulated in GeckoCIRCUITS
[161] with a simulation model according to Fig. 4.1 of a 45 kW battery
energy storage system connected to a 2.4 kV AC grid. The simulation
model applies three AC-DC DAB modules per phase leg with an input
voltage of 460 V ± 30 % and a nominal output power of 5 kW. Each
module is connected to a storage battery pack modeled as a constant
voltage source of 350 V with an energy capacity of 3.33 Wh. The energy
capacity is chosen to be small to limit the simulation time to just a
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4 CASCADED AC-DC DUAL ACTIVE BRIDGE CONVERTER

few hours. Tab. 4.5 summarizes the parameters for the simulations
performed.

Table 4.5: Parameters of the cascaded AC-DC converter
with integrated battery energy storage system for simulation
purposes.

Cascaded AC-DC DAB converter

AC grid voltage (RMS line-to-line) Vabc 2.4 kV

AC grid frequency fabc 50 Hz

Nominal system power Pabc 45 kW

Total energy storage capacity Eabc 30 Wh

Grid-side filter inductors Lac 100 µH

Number of modules per phase leg N 3

AC-DC DAB module

Input voltage (RMS) Vbi 460 V ± 30 %

Nominal output power PBbi 5 kW

Switching frequency fs 20 kHz

Transformer turns ratio n 14/9

Transformer leakage inductance Lσ 47 µH

Transformer magnetizing inductance Lm neglected

Grid-side capacitors Cac 20 µF

Battery-side inductors Ldc 100 µH

Battery-side capacitors Cdc 60 µF

Storage battery

Battery voltage VBbi 350 V

Energy storage capacity EBbi 3.33 Wh

For validating the control concept discussed in Section 4.4, the
top-level as well as the module-level control are implemented in Java.
Each AC-DC DAB module applies the ZCS/ZVS modulation with fixed
switching frequency (see Section 4.3.1). The input current reference is
set to I∗abc = 10 A for charging operation. Initially, the SOCs of the
batteries are in an unbalanced state.
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Fig. 4.26 shows the simulated grid currents ia, ib, ic together with
the grid voltages va, vb, vc. The currents are controlled to the reference
amplitudes and in phase to the grid voltages (PFC operation).

In Fig. 4.27, the module input voltages vai, vbi, vci and the battery
currents iBai, iBbi, iBci are depicted. It can be seen, that the module
voltage controller adjusts the module input voltages according to the
reference given by the top-level control and the battery SOC balancing
control. The overall power flow into the batteries is accordingly divided
as can be seen from the battery currents.

From Fig. 4.28, the balancing of the battery SOCs by the phase
SOC and the battery SOC balancing control can be seen. The initial
SOC imbalance gets smaller during the charging operation of the bat-
teries. The changes of the battery currents over time show the different
power requirements of the batteries to finally end up in a balanced state
where the battery currents converge to the same values.

In Fig. 4.29, the phase SOC deviations (4.60), (4.61), (4.62) as well
as the battery SOC deviations (4.65), (4.66), (4.67) are depicted. Due
to the charging with pulsating currents, the SOCs exhibit small ripples
with double the grid frequency.

−2000

−1000

0

1000

2000

G
ri
d

0 5 10 15 20 25 30 35 40
−15

−10

−5

0

5

10

15

av bv cv

ai bi ci

v
o
lt
ag

es
(V

)
G

ri
d

cu
rr

en
ts

(A
)

(ms)Time

Figure 4.26: Simulated grid currents of the cascaded AC-
DC DAB converter with parameters given in Tab. 4.5 for
I∗abc = 10 A in charging operation.
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tions of the cascaded AC-DC DAB converter with parameters
given in Tab. 4.5 for I∗abc = 10 A in charging operation.

4.7 Summary and conclusion

In this chapter, a new cascaded AC-DC DAB converter for battery
energy storage systems is developed. The topology is derived from
a state-of-the-art CHB converter and integrates module-level galvanic
isolation using series-connected single-stage bidirectional isolated AC-
DC converter modules.

Possible AC-DC DAB module topologies are discussed considering
their degrees of freedom in control and performing a qualitative com-
parison of the semiconductor losses. The topology with an AC-side
half-bridge and a DC-side full-bridge is identified as the most suitable
one since the hardware control effort as well as the system costs can
be significantly reduced compared to a standard full-bridge/full-bridge
DAB. By taking the switching frequency into consideration for control,
an additional degree of freedom for optimizing the transformer peak
and/or RMS currents becomes available. From the semiconductor losses
point of view, the AC-side half-bridge is comparable to an AC-side full-
bridge assuming full-block voltage operation without clamping. At the
DC side, for the same degrees of freedom in control, the use of a full-
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bridge is more beneficial than using a T-type circuit since commonly
the clamping interval is minimized in order to reduce the circulating
current and therefore the reactive power.

Furthermore, the operating principle on module as well as on sys-
tem level is presented. The AC-DC DAB modules are modeled by their
capacitive voltage ports consisting of the series connection of two filter
capacitors and a controlled current source in parallel. By adjusting the
power transfer of a DAB module, the current source is controlled in
order to regulate the AC-side module voltage and therefore the grid
current. By controlling the module voltage, also the power distribu-
tion among the modules is set since all modules in a phase string are
connected in series and exhibit the same module current.

For the AC-DC DAB module, two different modulation schemes
are developed. A first one which allows ZCS at the grid side with
IGBTs and ZVS at the battery side with MOSFETs presuming a con-
stant switching frequency and a second one which allows ZVS on both
sides with MOSFETs considering also the variation of the switching
frequency. The mathematical analysis of the transformer leakage in-
ductance current by using piecewise linear equations is given to derive
the power flow equations including their borders for the minimum and
the maximum power transfer. For the ZVS modulation with variable
switching frequency, the optimal control variables are determined by a
numerical optimization to minimize the transformer leakage inductance
peak currents.

The overall control of the cascaded AC-DC DAB converter with an
integrated battery energy storage system is described with a top-level
as well as a module-level control. The objectives of the top-level control
are obtaining the grid and phase angles by means of PLLs, controlling
the grid current in the dq-frame and balancing the average SOC values
of the storage batteries over the three phases. On the module level,
the SOCs of the batteries in one phase are balanced and the grid-side
module voltages are controlled.

For validating the theoretical aspects of the new ZVS modulation
including switching frequency variation, an AC-DC DAB module is de-
signed and a 3.3 kW hardware prototype built. For conducting experi-
ments, the control of the DAB module is implemented in VHDL on an
FPGA device. The measurements at the hardware prototype conform
to the developed mathematical models and the harmonics of the AC
module current fully comply with the IEC 61000-3-2 class A standard.

108
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The measured efficiency of the prototype at 1.7 kW output power is
95 % whereas the reached power density is around 2.5 kW/L.

Finally, a 45 kW cascaded AC-DC DAB converter with an integrated
battery energy storage system connected to a 2.4 kV AC grid is sim-
ulated to validate the aspects of the developed control structure on
system and module level. The simulation model applies three AC-DC
DAB modules per phase leg with an input voltage of 460 V ± 30 % and
a nominal output power of 5 kW. Each module is connected to a stor-
age battery pack modeled as a constant voltage source of 350 V. The
simulation curves verify the effectiveness of the discussed control meth-
ods to balance the SOCs between the phase legs as well as between the
single batteries in a phase leg while maintaining sinusoidal grid currents
in phase with the grid voltages (PFC operation).
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5
Cascaded AC-DC Multi-Port

Converter

This chapter proposes a new cascaded AC-DC multi-port converter for
battery energy storage systems. The topology is derived from state-of-
the-art DC-DC multi-port converters in order to integrate module-level
galvanic isolation and to provide bidirectional power flow capability. For
a three-phase AC-DC multi-port converter module, a new modeling ap-
proach for the power flows at the AC and the DC ports is presented and
suitable modulation schemes are developed to shape the AC currents
while maintaining soft-switching conditions over the full AC grid cycle.
A module prototype is designed as well as its components and losses
modeled to evaluate the efficiency of the proposed converter module.
Finally, the converter module is simulated to validate the theoretical
analysis of the power flows and the introduced modulation schemes.

5.1 Introduction to multi-port converters

Multi-port converters allow the coupling of several power sources and
loads/sinks by the use of a single power electronic converter system.
Most of the multi-port converters discussed in literature offer galvani-
cally isolated ports and bidirectional power flow capability between the
ports. The galvanic isolation is realized by magnetically coupling the
ports with a multi-winding transformer.

The main application area of multi-port converters are future energy
distribution systems where so-called solid state transformers (SST) in-
terface with local generation like wind or solar power, energy storage
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systems, electric vehicles (EVs), utility AC or DC grids or in general AC
and DC loads. With the upcoming integration of distributed genera-
tion, intelligent multi-port converter systems can substantially enhance
the reliability of the distribution system by providing reactive power
compensation to the grid as well as current limiting and energy storage
management functions.

Research has mainly focused on DC-DC multi-port converter topolo-
gies. The most prominent example is the bidirectional isolated three-
port DC-DC converter based on the single-phase DAB converter [108–
113] or on the three-phase DAB converter [114]. Further publications
describe concepts of a general N-port DC-DC converter with the focus
on deriving the mathematical models of the power flows [116,117].

Isolated multi-port converters with combined AC and DC ports (see
Fig. 3.10) have been rarely discussed in literature. Publications have
mainly focused on three-phase isolated rectifier topologies based on a
multi-port topology. In this chapter, the well-known DC-DC multi-port
converter is extended to a multi-port converter with combined AC and
DC ports. For an AC-DC multi-port module in a battery energy storage
system, a comprehensive investigation of the topology, the power flow
modeling and suitable modulation schemes is given.

5.2 Converter topology

Similar to the derivation of the cascaded AC-DC DAB converter in the
preceding chapter, the cascaded AC-DC multi-port converter topology
for battery energy storage systems depicted in Fig. 5.1 is based on a
conventional cascaded H-bridge (CHB) converter [48, 89] in star con-
nection. The main difference is, that each converter module consists of
three AC ports for the phases a, b and c and one DC port to attach a
storage battery pack. Each converter module represents a bidirectional
isolated AC-DC multi-port converter where the three AC ports belong-
ing to the three different phases and the DC port are magnetically
coupled through a four-winding transformer providing the galvanic iso-
lation. The converter system consists of three phase strings/legs which
are tied together at a common star point. In a phase string, several
AC-DC multi-port converter modules are connected in series at their
respective AC ports together with a filter inductor Lac.
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Figure 5.1: Cascaded AC-DC multi-port converter in
star connection for battery energy storage systems with
series-connected AC-DC multi-port modules applying grid-
side T-type blocks with bidirectional switches, battery-side
full-bridges with unidirectional switches and four-winding
medium-frequency transformers providing galvanic isolation.
Each module is connected to a storage battery at the DC
side. The module input voltages vai, vbi, vci correspond to
sinusoidal voltage waveforms with the grid frequency.
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5.2.1 Module topology

Each of the modules exhibit three grid-side low-frequency (LF) AC volt-
age ports (with capacitors Cac) and a DC voltage port (with capacitor
Cdc) as shown in Fig. 5.2 exemplarily for a module i. The DC voltage
port is connected through a filter inductor Ldc to a storage battery.

The module topology applies grid-side T-type blocks with bidi-
rectional switches and a battery-side full-bridge with unidirectional
switches. The four-winding medium-frequency (MF) transformer pro-
vides the galvanic isolation between the medium voltage (MV) grid
and the storage battery and serves as an energy transfer node where
the windings of the three AC ports and the DC port are magnetically
coupled.

Since each of the three AC ports inherently exhibits a wide volt-
age range (from zero up to the peak value), the AC-side windings are
electrically connected in series to allow a summation of the winding
voltages vp,ai, vp,bi, vp,ci (see Fig. 5.2). In this way, a three-phase AC
port is formed by the series connection of the AC ports belonging to
the three different phases.

In a three-phase AC grid, the absolute values of the phase voltages
add up to an approximately constant sum over a grid cycle. Hence, an
approximately constant sum of the half-cycle voltage-second products
applied to the AC-side windings becomes available for control. The
three-phase AC port can be therefore seen as one DC port with an
approximately constant voltage. The term approximately constant in
this context does not mean negligible ripple. In case of a symmetrical
three-phase AC grid, the sum of the absolute phase voltages with an
amplitude V̂abc corresponds to a six-pulse waveform with a constant

average value of 6V̂abc

π over the AC grid cycle exhibiting a 2(π3 −1) % =
9.4 % peak-to-peak voltage ripple.

As discussed in the previous chapter in Section 4.1.2, a full-bridge
and a T-type circuit exhibit the same amount of degrees of freedom
in control. Nevertheless, when it comes to a qualitative comparison
of the semiconductor losses, the full-bridge circuit performs better as
long as the clamping interval is substantially small. Due to the series
connection of the AC port windings, the length of the clamping intervals
strongly depend on the instantaneous phase current/power and can
therefore vary in a wide range.
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Figure 5.2: AC-DC multi-port converter module apply-
ing grid-side T-type blocks with bidirectional switches, a
battery-side full-bridge with unidirectional switches and a
four-winding medium-frequency transformer providing the
galvanic isolation.

Thus, the use of a T-type block at the AC side is advantageous
since the conduction losses caused by the circulating current flowing
through all ports (three AC and one DC port) can be reduced. This is
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due to the fact that the semiconductor devices of the clamping switch
in a T-type block require only to be rated for half of the blocking
voltage compared to the devices of the half-bridge. The application of
semiconductor devices with lower voltage rating leads in turn to lower
on-state resistance and finally to lower conduction losses.

5.2.2 Transformer arrangements

The formation of a three-phase AC port from three single-phase AC
ports as described above requires the summation of the winding voltages
vp,ai, vp,bi, vp,ci through a suitable transformer arrangement. Then, for
controlling the AC-DC multi-port module, an approximately constant
sum of the half-cycle voltage-second products applied to the AC-side
windings becomes available.

Electrically adding the winding voltages directly transforms to mag-
netically adding the winding fluxes through the transformer core. Thus,
in general, there are two possibilities of transformer arrangements for
the summation of the AC-side winding voltages: Firstly, the use of three
two-winding transformers with independent magnetic cores where the
AC-side winding voltages are added through an electric series connec-
tion of the DC-side windings. Secondly, the use of a four-winding trans-
former with a single magnetic core where the AC-side winding fluxes are
added through a magnetic parallel connection of the AC-side windings.

Two-winding transformers

The first transformer arrangement applying three two-winding trans-
formers with the DC-side windings electrically connected in series is
shown in Fig. 5.3. Besides one possible assembly of the three trans-
formers consisting of two C-cores with the windings on the right leg
and the left leg, also the corresponding reluctance models are depicted.
By applying MF square-wave voltages with clamping intervals to the
transformer windings, the associated winding fluxes in the magnetic
core are impressed. The generation of the winding fluxes through the
applied voltages is modeled by flux sources in the reluctance model.
The magnetic core is modeled by the reluctances Rm and the leakage
layer/area by the reluctance Rσ (see Fig. 5.3(b)).
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The impressed winding fluxes through the voltages vp,ai, vp,bi, vp,ci

at the AC side of the two-winding transformers can be written as

Φp,ai(t) = Φp,ai(0) +
1

Np

∫ t

0

vp,ai(τ) dτ, (5.1)

Φp,bi(t) = Φp,bi(0) +
1

Np

∫ t

0

vp,bi(τ) dτ, (5.2)

Φp,ci(t) = Φp,ci(0) +
1

Np

∫ t

0

vp,ci(τ) dτ. (5.3)
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Figure 5.3: Transformer arrangement consisting of three
two-winding transformers whose secondary windings are con-
nected in series for the use in the AC-DC multi-port module
depicted in Fig. 5.2: (a) possible assembly of the transformer
arrangement with voltage, current and winding flux directions
and (b) the corresponding reluctance models including the
couplings to the electric circuits. The applied voltages to the
transformer windings are modeled by MF square-wave voltage
sources with clamping intervals.
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5 CASCADED AC-DC MULTI-PORT CONVERTER

Assuming equal impedances of the DC-side windings of the two-
winding transformers, the voltage vs,Bi is equally split between the
windings, so that the impressed winding fluxes at the DC side are given
by

Φs,ai(t) = Φs,ai(0) +
1

Ns

∫ t

0

1

3
vs,Bi(τ) dτ, (5.4)

Φs,bi(t) = Φs,bi(0) +
1

Ns

∫ t

0

1

3
vs,Bi(τ) dτ, (5.5)

Φs,ci(t) = Φs,ci(0) +
1

Ns

∫ t

0

1

3
vs,Bi(τ) dτ. (5.6)

The difference of the AC- and the DC-side impressed winding fluxes
represents the leakage flux which is flowing through the leakage reluc-
tance Rσ as shown in Fig. 5.3(b). The resulting leakage fluxes in the
three transformers are thus determined as

Φσ,ai(t) = Φp,ai(t)− Φs,ai(t), (5.7)

Φσ,bi(t) = Φp,bi(t)− Φs,bi(t), (5.8)

Φσ,ci(t) = Φp,ci(t)− Φs,ci(t). (5.9)

From the reluctance models depicted in Fig. 5.3(b), the AC-side
referred leakage inductance of the three two-winding transformers can
be calculated as

Lσ,ai = Lσ,bi = Lσ,ci =
N2

p

Rσ
. (5.10)

The AC-side referred total leakage inductance relevant for controlling
the AC-DC multi-port module is then given as the series connection of
the leakage inductances of the single transformers

Lσ = Lσ,ai + Lσ,bi + Lσ,ci = 3
N2

p

Rσ
. (5.11)

This is due to the fact that all (AC- and DC-side) ports are electrically
connected in series through the utilized transformer arrangement.
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5.2 CONVERTER TOPOLOGY

Four-winding transformer

The second transformer arrangement applying one four-winding trans-
former with the AC-side windings magnetically connected in parallel
is shown in Fig. 5.4. A possible assembly consists of six C-cores with
a winding on each of the four legs in parallel (see Fig. 5.4(a)). The
corresponding reluctance model is depicted in Fig. 5.4(b) where the
impressed winding fluxes through the applied winding voltages are mod-
eled as flux sources. The magnetic core is modeled by the reluctances
Rm and the leakage layer/area by the reluctances Rσ.

(a)

(b)

p,aiΦ

p,aii

p,aiv

p,bii

p,biv

p,cii

p,civ

s,Bii

s,Biv

p,biΦ p,ciΦ s,BiΦ

mR mR

σRp,aiΦ

σ,aiΦ

mR mR

σRp,biΦ

σ,biΦ

mR mR

σRp,ciΦ

σ,ciΦ

mR mR mR mR mR mR

p,aiv

p,aii

p,biv

p,bii

p,civ

p,cii s,Bii

s,Biv

pN sNpN pN

s,BiΦ

Figure 5.4: Transformer arrangement consisting of a four-
winding transformer where the windings are magnetically con-
nected in parallel for the use in the AC-DC multi-port mod-
ule depicted in Fig. 5.2: (a) possible assembly of the trans-
former arrangement with voltage, current and winding flux
directions and (b) the corresponding reluctance model includ-
ing the couplings to the electric circuits. The applied voltages
to the transformer windings are modeled by MF square-wave
voltage sources with clamping intervals.

The impressed winding fluxes through the voltages vp,ai, vp,bi, vp,ci

at the AC-side windings of the four-winding transformer do not differ
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5 CASCADED AC-DC MULTI-PORT CONVERTER

from the two-winding transformer case and are given by (5.1), (5.2)
and (5.3). At the DC side, the voltage vs,Bi is applied to one single DC
winding such that the DC-side flux

Φs,Bi(t) = Φs,Bi(0) +
1

Ns

∫ t

0

vs,Bi(τ) dτ (5.12)

is impressed.
The difference of the AC-side winding flux sum and the DC-side

winding flux represents the total leakage flux which is flowing through
the leakage reluctances Rσ as shown in Fig. 5.4(b). The resulting leak-
age fluxes in the three leakage layers/areas modeled in the reluctance
model are calculated as

Φσ,ai(t) = α1Φp,ai(t) + α2Φp,bi(t) + α3Φp,ci(t)− α4Φs,Bi(t), (5.13)

Φσ,bi(t) = β1Φp,ai(t) + β2Φp,bi(t) + β3Φp,ci(t)− β4Φs,Bi(t), (5.14)

Φσ,ci(t) = γ1Φp,ai(t) + γ2Φp,bi(t) + γ3Φp,ci(t)− γ4Φs,Bi(t) (5.15)

with the coefficients

α1 = γ4 =
16R2

m + 12RmRσ +R2
σ

(4Rm + 3Rσ)(4Rm +Rσ)
, (5.16)

α2 = γ3 =
8R2

m + 8RmRσ +R2
σ

(4Rm + 3Rσ)(4Rm +Rσ)
, (5.17)

α3 = γ2 =
Rσ(2Rm +Rσ)

(4Rm + 3Rσ)(4Rm +Rσ)
, (5.18)

α4 = γ1 =
R2
σ

(4Rm + 3Rσ)(4Rm +Rσ)
, (5.19)

β1 = β4 =
Rσ

4Rm + 3Rσ
, (5.20)

β2 = β3 =
2Rm +Rσ
4Rm + 3Rσ

. (5.21)
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The total leakage flux is then given by adding the leakage fluxes Φσ,ai,
Φσ,bi and Φσ,ci which leads to

Φσ(t) = Φp,ai(t) + Φp,bi(t) + Φp,ci(t)− Φs,Bi(t). (5.22)

From the reluctance model depicted in Fig. 5.4(b), the AC-side
referred total leakage inductance of the four-winding transformer can be
calculated by the magnetic parallel connection of the leakage reluctances
Rσ as

Lσ = 3
N2

p

Rσ
. (5.23)

5.3 Operating principle

As in the case of the cascaded AC-DC DAB converter, a grid-side equiv-
alent circuit of the cascaded AC-DC multi-port converter can be drawn
which is shown in Fig. 5.5. The AC-DC modules are modeled by their
capacitive voltage ports consisting of the series connection of two filter
capacitors Cac and the controlled current sources imai, imbi, imci exem-
plarily for the module i ∈ {1, 2, ..., n}. The AC-DC multi-port module
is modeled by the total transformer leakage inductance Lσ of the trans-
former arrangement (see Fig. 5.3 and Fig. 5.4) and the AC- and DC-
side applied MF voltages vp,ai, vp,bi, vp,ci, v

′
s,Bi (AC-side referred) at

the transformer windings. The transformer magnetizing inductance(s)
Lm is/are assumed to be relatively large, so that magnetizing currents
can be neglected for the analysis of the operating principle.

5.3.1 Module level

Like the three-port DC-DC converters discussed in [109–111], the pro-
posed AC-DC multi-port module depicted in Fig. 5.2 is operated by
phase shift control where the MF square-wave voltages applied to the
transformer windings exhibit a phase displacement with regard to each
other to control the power flow at the ports. The total leakage induc-
tance Lσ of the transformer arrangement acts as decoupling and energy
transfer element between the ports. Fig. 5.5 shows the equivalent cir-
cuit of the multi-port module where the AC-side T-type blocks and the
DC-side full-bridge are modeled as controlled current sources coupled
to MF square-wave voltage sources with clamping intervals.
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MV AC grid

acL acL acL

av bv cv

ai bi ci

acC

acC

acC

acC

acC

acC

acC

acC

acC

acC

acC

acC

acC

acC

acC

acC

acC

acC

anv bnv mbnimani cnv

acC

acC

σL

acC

acC

p,biv

bi

acC

acC

s,Bi
′v

mcni

p,aiv

p,civ

Lσiiai

ci

ma1i

ma2i mb2i

mb1i mc1i

mc2i

a1v

a2v b2v

b1v c1v

c2v

Ca1i

Ca2i Cb2i

Cb1i Cc1i

Cc2i

nCai nCbi nCci

iav

ibv

icv

iCai

iCbi

iCci

imai

imbi

imci

imap

imbp

imcp

Figure 5.5: Grid-side equivalent circuit of the cascaded AC-
DC multi-port converter shown in Fig. 5.1. The modules
are modeled with their capacitive voltage ports consisting of
the series connection of two filter capacitors Cac and the con-
trolled current sources imai, imbi, imci. By adjusting the power
transfer at the AC ports of a multi-port module, the current
sources are controlled in order to regulate the AC-side module
voltages as well as the grid currents. The multi-port module is
modeled by the total transformer leakage inductance Lσ and
the AC- and DC-side applied MF voltages vp,ai, vp,bi, vp,ci,
v′s,Bi (AC-side referred) at the transformer windings.
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5.3 OPERATING PRINCIPLE

With the modulation schemes described in Section 5.5, the power
transfer from the AC ports to the DC port is controlled. The power
flows pmai, pmbi, pmci represent the couplings of the grid-side current
sources imai, imbi, imci and the corresponding MF voltage sources vp,ai,
vp,bi, vp,ci (represented by the two arrows for each coupling shown in
Fig. 5.5) and are given by

pmai = vaiimai = vai (ia − iCai) , (5.24)

pmbi = vbiimbi = vbi (ib − iCbi) , (5.25)

pmci = vciimci = vci (ic − iCci) . (5.26)

By adjusting the power flows through the modulation scheme, the cur-
rent sources imai, imbi, imci are controlled in order to regulate the AC-
side module voltages vai, vbi, vci and hence the grid currents ia, ib,
ic.

During one half-cycle of the grid-side AC voltage, two of the grid-
side semiconductor devices in the bidirectional switches of the AC ports
are constantly turned on. These are S1b and S2b for the positive and
S1a and S2a for the negative half-wave (see Fig. 5.2).

5.3.2 System level

The grid current in terms of amplitude and phase is controlled by the
AC-side module voltages in a phase string by applying the correspond-
ing voltage across the grid filter inductor Lac. For the battery energy
storage system depicted in Fig. 5.1, purely active power in charging
and discharging operation is considered with a power factor (PF) near
unity. Moreover, since the module voltage ports in the same phase
string are connected in series, the power distribution among the mod-
ule ports can only be set by controlling the grid-side voltages of the
modules as the module currents are equal.

By increasing the voltage of a module port, the voltage of another
module port or the voltages of other module ports in the same phase
string have to be reduced, so that the voltage sum of all module ports is
not changed. In this way, only the power distribution among the module
ports is affected, but not the overall power flow between the grid and
the batteries. The upper limit of the module power is basically given
by the blocking voltage of the applied semiconductor devices.
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5 CASCADED AC-DC MULTI-PORT CONVERTER

At the grid side, each module can be simply represented by a volt-
age source (capacitive voltage port controlled by a current source as de-
picted in Fig. 5.5) where the voltage is controlled by the power transfer
between the grid-side filter capacitors Cac and the battery. To increase
the module port power, first the module port voltage vai, vbi or vci has
to be increased which is done by reducing the power transfer to the
battery. As soon as the module voltage rises, the power transfer can be
increased again to reach its reference value. A corresponding voltage
controller was previously described in Section 4.4.5 for the cascaded
AC-DC DAB converter.

5.4 Modeling of power flows

For designing and controlling a multi-port converter system, the math-
ematical description of the power flows depending on the control vari-
ables is essential. The optimization procedure to derive optimal control
variables as shown later in Section 5.5.2 requires the calculation of the
power flows pmai, pmbi, pmci (see Fig. 5.5) for evaluating the power
equality constraints.

The well-known approach uses piecewise linear equations for the
transformer leakage inductance current where several mathematical cas-
es depending on the phase shifts and the clamping intervals have to
be distinguished. Due to the mathematical complexity, especially for
high port numbers in multi-port converters, the following analysis uses
basic superposition principles to find general analytical formulas for the
power flows. With this approach, there is no need for a mathematical
distinction of cases.

The mathematical analysis of the power flows at the AC ports and
the DC port is based on the AC-side referred equivalent circuit of the
multi-port converter topology shown in Fig. 5.5. The T-type circuits
and the full-bridge are modeled by MF square-wave voltage sources
vp,ai, vp,bi, vp,ci, v

′
s,Bi with clamping intervals. For the analytical de-

scription of the power flow at an AC port, first the power flow between
two ports applying square-wave voltages with clamping intervals is mod-
eled (see Fig. 5.6(a)).
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5.4 MODELING OF POWER FLOWS

5.4.1 Power flow between two ports

The power flow over one switching cycle Ts = 2π
ωs

between two ports
(from a first port 1 to a second port 2) applying square-wave voltages
with clamping intervals as shown in Fig. 5.6(a) is based on the well-
known power flow equation [116] (power from a primary port p to a
secondary port s)

Pps =
VpnVs

ωsLσ
(φp − φs)

(
1− |φp − φs|

π

)
. (5.27)

There, two square-wave voltages with 50 % duty cycles, amplitudes Vp,
Vs and phases φp, φs ∈ {−π, π} are applied across the windings of a two-
winding transformer with the primary referred leakage inductance Lσ,
a negligible large magnetizing inductance and the turns ratio n =

Np

Ns
.

The phase angles are measured against a given reference, a positive
angle defines a leading signal and a negative angle a lagging signal with
respect to the reference.

2(1)
′v

2(2)
′v

1(1)v

1(2)v

12(1)P

12P

σL Lσi

12(2)P

12P12P
2
′v1v

σL Lσi

(a) (b)

Figure 5.6: Simplified circuit of a two-port converter ap-
plying square-wave voltages with clamping intervals (a) and
the equivalent four-port circuit applying square-wave voltages
without clamping intervals at the ports (b).

The two-port circuit with clamping intervals drawn in Fig. 5.6(a)
can be modeled by an equivalent four-port circuit which is shown in
Fig. 5.6(b) where only square-wave voltages without clamping inter-
vals and duty cycles of 50 % occur. This is done by splitting up the
voltage v1 with clamping interval into a sum v1(1) + v1(2) of two volt-
ages with 50 % duty cycles, no clamping intervals and a phase shift of
2δ1 against each other as depicted in Fig. 5.7. Analogously, this is
done for the voltage v2.
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Figure 5.7: Square-wave voltages v1, v2 with clamping in-
tervals 2δ1, 2δ2 and the underlying square-wave voltages v1(1),
v1(2), v2(1), v2(2) without clamping intervals and duty cycles
50 % which add up to v1 and v2 respectively.

The power transferred from port 1 to port 2 is then given by

P12 =
1

Ts

Ts∫
0

v1(1)iLσ dτ

︸ ︷︷ ︸
P12(1)

+
1

Ts

Ts∫
0

v1(2)iLσ dτ

︸ ︷︷ ︸
P12(2)

(5.28)

with the two power shares P12(1), P12(2) of the voltage sources v1(1),
v1(2) (see Fig. 5.6(b)).

Since the voltage-second product of each source in Fig. 5.6(b) over
a switching cycle Ts is zero, a single source only delivers reactive power
to the leakage inductance Lσ. Therefore, the calculation of the power
share P12(1) can be done by splitting up the leakage inductance current
iLσ into three parts iLσ(I), iLσ(II), iLσ(III) which are obtained by applying
the superposition principle as shown in Fig. 5.8 by selectively short-
circuiting voltage sources. In this way, the active power exchange of the
source v1(1) with the sources v1(2), v

′
2(1), v

′
2(2) is described. Although

the source v1(1) contributes three times to the current iLσ by applying
the proposed superposition, this current part cancels out in the active
power calculation, as it only describes reactive power delivered from
v1(1) to Lσ. Compared to conventional superposition, the current driven
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by v1(1) is increased by a factor of 3, nevertheless it does not contribute
to the active power calculation.

(a) (b)

1(1)v

1(2)v

σL

2(1)
′v1(1)v

σL

2(2)
′v

1(1)v

σL

(c)

(I)σLi (II)σLi (III)σLi

Figure 5.8: Leakage inductance current obtained for the
power calculation by applying the superposition principle with
three parts (a), (b), (c) by selectively short-circuiting voltage
sources: iLσ = iLσ(I) + iLσ(II) + iLσ(III).

The power share P12(1) in (5.28) can then be written as

P12(1) =
1

Ts

Ts∫
0

v1(1)iLσ(I) dτ

︸ ︷︷ ︸
P12(1)(I)

+
1

Ts

Ts∫
0

v1(1)iLσ(II) dτ

︸ ︷︷ ︸
P12(1)(II)

+
1

Ts

Ts∫
0

v1(1)iLσ(III) dτ

︸ ︷︷ ︸
P12(1)(III)

. (5.29)

Analogously, the second power share P12(2) is described. From
Fig. 5.8 and (5.29) it is concluded, that the power shares P12(1)(I),
P12(1)(II), P12(1)(III) are given by (5.27). This is also the case for the
power shares P12(2)(I), P12(2)(II), P12(2)(III). By summing up all the
power shares, the resulting power transferred per switching cycle from
port 1 to port 2 applying square-wave voltages v1, v2 with clamping
intervals 2δ1, 2δ2 and phases φ1, φ2 as shown in Fig. 5.7 is thus given
as

P12 =
V1nV2

4ωsLσ

[
((φ1 − δ1)− (φ2 − δ2))

(
1− |(φ1 − δ1)− (φ2 − δ2)|

π

)
+ ((φ1 − δ1)− (φ2 + δ2))

(
1− |(φ1 − δ1)− (φ2 + δ2)|

π

)
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+ ((φ1 + δ1)− (φ2 − δ2))

(
1− |(φ1 + δ1)− (φ2 − δ2)|

π

)
+ ((φ1 + δ1)− (φ2 + δ2))

(
1− |(φ1 + δ1)− (φ2 + δ2)|

π

)]
.

(5.30)

This analytical power flow equation represents the basis for modeling
the power flows at the AC ports as functions of the control variables in
the three-phase AC-DC multi-port converter.

5.4.2 Power flow at AC ports

With the general power flow equation (5.30), in a next step, the ana-
lytical formulas for the power flows at the AC ports are derived. This
is exemplarily done for phase a. The same derivation applies to the
phases b and c. Looking at Fig. 5.5, the previously mentioned super-
position principle is also applicable. For phase a, the voltage source
vp,ai exchanges power with all the other sources vp,bi, vp,ci, v

′
s,Bi which

leads to the power flow

pmai =
1

Ts

Ts∫
0

vp,aiiLσi(1) dτ

︸ ︷︷ ︸
pmai(1)

+
1

Ts

Ts∫
0

vp,aiiLσi(2) dτ

︸ ︷︷ ︸
pmai(2)

+
1

Ts

Ts∫
0

vp,aiiLσi(3) dτ

︸ ︷︷ ︸
pmai(3)

(5.31)

from the AC port a to all other ports. The leakage inductance current
is split up into three parts iLσi(1), iLσi(2), iLσi(3). The power shares are
then formulated by means of (5.30) and given by

pmai(1) = P12

(
V1 =

vai

2
, nV2 = −vbi

2
,

δ1 = δai, φ1 = φai, δ2 = δbi, φ2 = φbi

)
, (5.32)
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pmai(2) = P12

(
V1 =

vai

2
, nV2 = −vci

2
,

δ1 = δai, φ1 = φai, δ2 = δci, φ2 = φci

)
, (5.33)

pmai(3) = P12

(
V1 =

vai

2
, V2 = vBi,

δ1 = δai, φ1 = φai, δ2 = δBi, φ2 = φBi

)
. (5.34)

The equations for the power flows pmai, pmbi, pmci are used later
in Section 5.5.2 in an optimization procedure for numerically deriving
optimal control variables.

5.5 Module modulation schemes

Like DAB converters, the presented multi-port converter module de-
picted in Fig. 5.2 is operated by actively applying square-wave voltages
with clamping interval (zero voltage interval) across the windings of the
two-winding transformers or the four-winding transformer respectively.
The winding voltages can be modeled as MF voltage sources which are
decoupled by the total leakage inductance of the transformer arrange-
ment (see equivalent circuit of a multi-port module in Fig. 5.5). By
adjusting the phase shifts between the square-wave voltages as well as
the length of the clamping intervals, the transformer leakage inductance
current can be shaped in order to control the power flows at the AC
ports and the DC port and additionally allow beneficial conditions for
soft-switching of the semiconductor devices.

Similar to Section 4.3, for the theoretical analysis of the modulation
schemes of a multi-port module, the following assumptions are made:

I The magnetizing current(s) is/are negligible small (means large
magnetizing inductance(s) Lm),

I the capacitors Cac, Cdc are large enough so that the amplitudes
of the generated square-wave voltages can be considered constant
during one switching cycle,

I the switching frequency is well above the resonant frequency of
the resonant tank formed by Cac, Cdc and Lσ,
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I the commutation intervals are negligible small in comparison to
the switching cycle,

I the transformer turns ratio guarantees that the module is always
operated in boost mode when the DC voltage is referred to the
AC side.

Based on these, the transformer leakage inductance current is ap-
proximated by piecewise linear equations with no DC offset since the
square-wave voltages applied to the transformer windings exhibit a zero
voltage-second product over a switching cycle. This also guarantees that
no DC flux appears in the transformer core(s).

Due to the electric series connection of the ports, the transformer
leakage inductance current iLσi flows through all of the equivalent volt-
age sources vp,ai, vp,bi, vp,ci, v

′
s,Bi as shown in Fig. 5.5 and hence

defines, together with the port voltages, the instantaneous power which
has to be delivered to or drawn from the corresponding port. The cou-
pling of the AC ports and the DC port leads to a certain degree of
complexity in deriving suitable modulation schemes.

In the following, two approaches are presented: In a first step, a
modulation scheme based only on a fundamental wave model is devel-
oped to achieve sinusoidal AC port currents with phase displacements
of 120◦ without considering soft-switching conditions (suitable for the
use with IGBTs). In a second step, based on the above derived general
power flow equations at the ports, optimal control variables are nu-
merically determined while considering also soft-switching conditions
in terms of ZVS in order to use MOSFETs.

5.5.1 Fundamental phasor modulation

A simple modulation scheme for the AC-DC multi-port module de-
picted in Fig. 5.2 can be developed by only considering the fundamen-
tal waves of the MF square-wave voltages applied to the transformer
windings as for instance shown in [109] for a three-port DC-DC con-
verter. The MF square-wave voltage sources vp,ai, vp,bi, vp,ci, v

′
s,Bi

depicted in Fig. 5.9(b) are reduced to their fundamental component
in order to derive analytical solutions for the control variables in terms
of phase shifts and clamping intervals. The phase angles φai, φbi, φci

of the AC-side applied square-wave voltages in relation to the DC-side
applied square-wave voltage as well as the AC-side clamping interval
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2δabci and the DC-side clamping interval 2δBi are introduced as un-
knowns as can be seen in Fig. 5.10. The introduction of a common
clamping interval at the AC side leads to a symmetrical three-phase
current system as shown later.

(a) (b) (c)
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Figure 5.9: Single-phase grid-side equivalent circuit of the
multi-port module in (a) where the current source Imi is con-
trolled such that the desired phase current Iabc results. (b)
depicts the equivalent circuit of the multi-port module for de-
scribing the fundamental phasor modulation scheme with the
transformer winding voltages modeled as MF voltage sources
vp,ai, vp,bi, vp,ci, v

′
s,Bi and the AC-side referred total leakage

inductance Lσ. Additionally, (c) shows a general phasor dia-
gram for the MF fundamental model in case of capacitive AC
port currents (φmi > 0).

Medium-frequency (MF) square-wave voltage summation

The transformer arrangements depicted in Fig. 5.3 and Fig. 5.4 sum
up the MF square-wave voltages vp,ai, vp,bi, vp,ci which are generated
by the AC-side T-type circuits shown in Fig. 5.2. The phase displace-
ments in relation to the DC-side applied voltage vs,Bi, which is chosen
as the phase shift control reference, are described by the angles φai,
φbi, φci as depicted in Fig. 5.10. There, also the resulting voltage
sum vp,si = vp,ai + vp,bi + vp,ci and the transformer leakage inductance
current iLσi referred to the AC side over two switching periods Ts are
drawn.

The adaptation of the phase angles φai, φbi, φci within the period
of the AC grid enables keeping the half-cycle voltage-second product
(shaded area in Fig. 5.10) and therefore also the amplitude of the MF
fundamental wave of the voltage sum vp,si at an approximately constant
value.
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Figure 5.10: Square-wave voltages vp,ai, vp,bi, vp,ci applied
to the AC-side windings, the resulting voltage sum vp,si, the
AC-side referred square-wave voltage v′s,Bi applied to the series
connection of the DC-side windings (or the single DC winding
in case of a four-winding transformer) and the transformer
leakage inductance current iLσi for the case vbi > vai > vci in
AC-to-DC operation over two switching cycles Ts.

This in turn leads to an almost constant ratio between the half-cycle
voltage-second product of the voltage sum vp,si and the voltage vs,Bi

generated by the DC-side full-bridge. In other words, the amplitude
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ratio of the MF fundamental waves of vp,si and vs,Bi becomes time-
independent.

Medium-frequency (MF) fundamental model

For simple analytical calculations, a MF fundamental model of the
multi-port module is considered where higher order harmonics of the
MF square-wave voltages applied to the transformer windings are ne-
glected. The MF voltages considering the clamping intervals 2δabci,
2δBi (see Fig. 5.10) and the resulting leakage inductance current are
then described as complex MF phasors which are given by

vp,ai =
2va cos (δabci)

π
ejφai , (5.35)

vp,bi =
2vb cos (δabci)

π
ejφbi , (5.36)

vp,ci =
2vc cos (δabci)

π
ejφci , (5.37)

v′s,Bi =
4nvBi cos (δBi)

π
ejφBi , (5.38)

iLσi = îLσie
jφσi =

vp,ai + vp,bi + vp,ci − v′s,Bi
jωsLσ

. (5.39)

The MF phasors rotate with the angular frequency ωs = 2πfs. Ad-
ditionally, vp,ai, vp,bi, vp,ci show a time-dependent amplitude caused by
the AC grid voltage waveforms and a time-dependent phase caused by
the time-varying phase shift control.

The square-wave voltage vs,Bi is chosen to be the reference for the
phase shift control as shown in Fig. 5.10 and its phasor is placed on
the real axis of the complex coordinate system (φBi = 0) as depicted in
the phasor diagram in Fig. 5.9(c).

At the AC side, a common clamping interval 2δabci is introduced
such that the phase currents exhibit the same amplitudes for the case
of a symmetrical three-phase current system. Nevertheless, the cur-
rent amplitudes could be varied independently by introducing separate
clamping intervals as control variables.
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Modulation and control strategy

For the multi-port module, a time-varying phase shift control is applied
where the phase angles φai, φbi, φci appearing in (5.35)-(5.37) represent
the control functions whose waveforms have to assure sinusoidal phase
currents ia, ib, ic with a given amplitude Îabc and a given phase shift
φabc towards the phase voltages

va = V̂abc cos (ωabct) , (5.40)

vb = V̂abc cos

(
ωabct−

2π

3

)
, (5.41)

vc = V̂abc cos

(
ωabct−

4π

3

)
(5.42)

where ωabc = 2πfabc describes the angular grid frequency.
To get the required phase currents, the control functions are chosen

in such a way that the corresponding instantaneous power pmai, pmbi,
pmci is drawn from or delivered to the port which in turn is modeled by
the equivalent MF voltage source (see Fig. 5.9(b)). The average active
power flowing out or into the equivalent sources over one switching cycle
Ts can be determined with the MF fundamental model according to

pmai = Re

{
1

2
vp,aiiLσi

}
= va

îLσi cos (δabci)

π
cos (φai − φσi) , (5.43)

pmbi = Re

{
1

2
vp,biiLσi

}
= vb

îLσi cos (δabci)

π
cos (φbi − φσi) , (5.44)

pmci = Re

{
1

2
vp,ciiLσi

}
= vc

îLσi cos (δabci)

π
cos (φci − φσi) . (5.45)

Taking the reactive power consumed by the AC capacitors Cac into
account, the reference value of the control current can be represented
by a phasor

Imi = Iabc − ICi (5.46)

as shown in Fig. 5.9(a) where the capacitor current is given by

ICi = jωabc
Cac

2
(V abc − jωabcLacIabc) . (5.47)
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The load is represented by a controlled current source Imi which cor-
responds to the drawn or injected power at the port in phase shift
operation. The phasor of the phase reference current is

Iabc = Îabce
jφabc . (5.48)

Îabc denotes the reference amplitude whereas φabc is the reference phase
of the AC port currents ia, ib, ic.

In the time domain, the reference values of the control currents per
phase are then given by

i∗mai = Îmi cos (ωabct+ φmi) , (5.49)

i∗mbi = Îmi cos

(
ωabct−

2π

3
+ φmi

)
, (5.50)

i∗mci = Îmi cos

(
ωabct−

4π

3
+ φmi

)
(5.51)

with amplitude Îmi = |Imi| and phase φmi = ∠Imi.
The control functions φai, φbi, φci can be determined using the

nonlinear system of equations

i∗mai =
pmai

va
=
îLσi cos (δabci)

π
cos (φai − φσi) , (5.52)

i∗mbi =
pmbi

vb
=
îLσi cos (δabci)

π
cos (φbi − φσi) , (5.53)

i∗mci =
pmci

vc
=
îLσi cos (δabci)

π
cos (φci − φσi) (5.54)

while considering îLσi = |iLσi| and φσi = ∠iLσi.
By comparing (5.49)-(5.51) with (5.52)-(5.54) and knowing that

δabci, δBi ∈ [0, π/2], the most obvious control functions which lead to
sinusoidal AC port currents show the mathematical form

φai = ωabct+ φsi, (5.55)

φbi = ωabct−
2π

3
+ φsi, (5.56)
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φci = ωabct−
4π

3
+ φsi. (5.57)

The amplitude and the phase of the reference values of the control
currents according to (5.49)-(5.51) are then given by

Îmi =
îLσi cos (δabci)

π
, (5.58)

φmi = φsi − φσi (5.59)

where δabci, φsi represent the primary control variables from which the
phase angles φai, φbi, φci can be derived.

Inserting the control functions φai, φbi, φci according to (5.55)-(5.57)
into (5.35)-(5.37) and adding the voltage phasors, the composed voltage
sum phasor

vp,si = vp,ai + vp,bi + vp,ci = v̂p,sie
jφsi =

3V̂abc cos (δabci)

π
ejφsi (5.60)

results which shows a time-independent amplitude v̂p,si and a time-
independent phase angle φsi. Applying the rotation operators ejφai ,
ejφbi , ejφci to the sinusoidal AC voltages va, vb, vc, a fixed space vector
is formed which is then rotated over a switching cycle Ts. Due to
the time-independent phasors vp,si, v

′
s,Bi, also the transformer leakage

inductance current iLσi shows a constant amplitude and phase over
time. Fig. 5.9(c) depicts a phasor diagram of the MF phasors vp,si,
v′s,Bi, vLσi, iLσi in case of capacitive AC port currents.

Solutions of control variables

In order to control the AC port phase currents to a corresponding ampli-
tude Îabc and a phase φabc, the primary control variables δabci, φsi have
to be determined. This can be done by solving the nonlinear system of
equations (5.52)-(5.54) while taking the control functions (5.55)-(5.57)
and the evaluation of (5.39) into account.

The solutions of the control variables for a module design example
are depicted in Fig. 5.11 for phase angles φabc =

{
−π2 ,−π4 , 0, π4 , π2

}
.

For each phase angle, the AC port current amplitude is limited to a
maximum which corresponds to the maximum transferrable apparent
power at the specific phase angle. For small current amplitudes, the
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control variable δabci shows almost the same value where the voltage
sum phasor vp,si exhibits approximately the same length as the DC
voltage phasor v′s,Bi.
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Figure 5.11: Control variables δabci, φsi plotted versus
phase current amplitude Îabc for δBi = π

6
and phase angles

φabc =
{
−π

2
,−π

4
, 0, π

4
, π

2

}
for a module design example with

the parameters Vabc,rms = 230 V, fabc = 50 Hz, VBi = 400 V,
n = 1

2
, Lσ = 9 µH, fs = 20 kHz.

Fig. 5.12 shows the MF phasor diagrams for different phase control
angles φmi in AC-to-DC operation. In case of negligible reactive power
consumed by the AC capacitors Cac, φmi equals the phase current angle
φabc.

Accuracy of fundamental model

In general, a periodic square-wave signal s(t) with a clamping inter-
val 2δ, an amplitude h and an angular frequency ωs like the voltages
depicted in Fig. 5.10 can be represented by its Fourier series

s(t) =
4h

π

∞∑
k=1

cos ((2k − 1)δ) sin ((2k − 1)ωst)

2k − 1
. (5.61)
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Figure 5.12: Phasor diagrams for the MF fundamental
model for phase control angles φmi = −π
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When adding the MF square-wave voltages vp,ai, vp,bi, vp,ci while
considering their phase shifts from (5.55)-(5.57) and their amplitudes
according to the half of (5.40)-(5.42), it can be seen from the Fourier
series (5.61), that harmonics with an odd multiple of three of the MF
fundamental frequency ωs cancel out and are not present in the voltage
sum vp,si. Nevertheless, if vs,Bi exhibits these orders of MF harmonics,
corresponding current harmonics in the transformer leakage inductance
current are driven. This causes power shares at the AC ports which
lead to LF current harmonics exhibiting odd multiples of three of the
fundamental AC system frequency ωabc. To suppress these LF AC
current harmonics, δBi = π

6 can be chosen which in turn cancels out the
corresponding MF harmonics in the square-wave voltage vs,Bi. Besides
the fundamental, MF current harmonics of order 5, 7, 11, 13, 17, ...
remain in the transformer leakage inductance current and contribute to
a small AC current distortion.

The control functions above are derived by setting

p∗abc = pabc,(1) (5.62)

where p∗abc denotes the reference value of the instantaneous power of
the considered phase and pabc,(1) the MF fundamental power. In a next
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step, also higher order MF power shares are considered by solving

p∗abc =

∞∑
k=1

pabc,(k) (5.63)

in order to get improved control functions and a lower input current
total harmonic distortion (THD). This is shown in the next section
where the control variables for a ZVS modulation are derived by a
numerical optimization.

5.5.2 ZVS modulation

Since the modulation based on a fundamental wave model leads to
undesirable AC phase current distortions at the AC ports of the multi-
port module, the development of an improved modulation scheme is
mandatory. In addition to lowering the THD of the AC currents, also
soft-switching in terms of ZVS for the use of MOSFETs is considered
in the following.

The general power flow modeling described in Section 5.4 includes
all imaginable types of modulation schemes with the control variables
(phase shifts and clamping intervals) within their range of validity and
can be used to look for optimal modulation schemes by means of numer-
ical optimizations under certain constraints. This is done by minimizing
the transformer leakage inductance RMS current under ZVS conditions
as shown in the following.

Modulation and control under ZVS conditions

The derivation of a suitable modulation scheme under ZVS conditions
is restricted to only positive instantaneous power flows from the AC
ports to the DC port. This means that reactive power compensation
at the AC ports is not considered in the following. Nevertheless, this
can be achieved by further adjusting the modulation scheme which is
beyond the scope of this thesis.

For simplification, the AC port voltages vai, vbi, vci are sorted by
their absolute values in descending order and accordingly renamed by
vph1i, vph2i, vph3i, such that the control variables only have to be ob-
tained in a 30◦ sector of the AC line voltage. The solutions are then
assigned to the corresponding phase in each sector. The degrees of free-
dom in control are the clamping intervals expressed by the variables
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δph1i, δph2i, δph3i, δBi each multiplied by a factor of 2 and the phase
angles φph1i, φph2i, φph3i, φBi.

In Fig. 5.13, the square-wave voltages vp,ph1i, vp,ph2i, vp,ph3i, v
′
s,Bi

applied to the AC- and DC-side windings are shown with the resulting
leakage inductance current iLσi referred to the AC side.

Phase shift control reference Current reversal interval

= ZVS AC
= ZVS DC
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s,Bi
′v

Lσii
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Figure 5.13: Square-wave voltages vp,ph1i, vp,ph2i, vp,ph3i

applied to the AC-side windings, the AC-side referred square-
wave voltage v′s,Bi applied to the series connection of the DC-
side windings (or the single DC winding in case of a four-
winding transformer) and the transformer leakage inductance
current iLσi for the case |vph1i| > |vph2i| > |vph3i| in AC-to-
DC operation over two switching cycles Ts.

The phase shift control reference is chosen to be the AC port with
the highest absolute phase voltage, so that φph1i = 0. Then, the total
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number of control variables to be determined equals seven (three phase
angles and four clamping intervals).

To ensure ZVS conditions, the turn-off current of a switch has to be
large enough to simultaneously charge and discharge the output capac-
itances of the switches in a bridge-leg within the interlocking interval
(resonant transition). For the modulation scheme to achieve ZVS for
all switches, the transformer leakage inductance current iLσi has to be
positive in the interval [τ2, τ7] and negative in the interval [τ8, τ13] as
shown by the dots in Fig. 5.13 for the AC and the DC side.

This is achieved by defining a current reversal interval where the
maximum available voltage is applied across the transformer leakage
inductance Lσ as depicted in Fig. 5.13 by the gray colored areas. Dur-
ing the time interval [τ1, τ2] the AC-side winding voltages vp,ph1i, vp,ph2i,
vp,ph3i are positive whereas the DC-side winding voltage v′s,Bi is neg-
ative and vice versa during the interval [τ7, τ8]. The current reversal
interval should be large enough to increase/decrease the current iLσi
to the minimum commutation current ±IZVS needed for ZVS. Simul-
taneously, this interval should not be too large, because it does not
contribute to the active power transfer.

The restriction of the transformer leakage inductance current iLσi
to its minimum commutation current ±IZVS at the most critical points
τ1, τ2, τ7, τ8 at the beginning and at the end of the current reversal
intervals leads to a symmetrical alignment of the current points iLσi(τ1)
and iLσi(τ2) as well as iLσi(τ7) and iLσi(τ8) around the zero line (see
Fig. 5.13). This is done by setting the voltage-second product of the
DC port equal to the sum of the voltage-second products of the AC
ports during the power transfer interval [τ2, τ7] according to

ABi = Aph1i +Aph2i +Aph3i (5.64)

as shown by the shaded areas in Fig. 5.13. Since the sum of the ab-
solute phase voltages varies with a six-pulse waveform, the primary
referred DC voltage v′Bi should be always greater than the peak value
of this sum. This means that the multi-port module operates always in
AC-to-DC boost mode.

Optimal control variables

The solutions of the clamping intervals 2δph1i, 2δph2i, 2δph3i, 2δBi and
the phase shifts φph1i, φph2i, φph3i, φBi (see Fig. 5.13) are numerically
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determined by minimizing the transformer leakage inductance RMS cur-
rent ILσi,rms subject to the power flow and the ZVS constraints in or-
der to minimize the conduction losses. The corresponding optimization
procedure is shown in Fig. 5.14.

Evaluate objective functionEvaluate constraints

Global optimization algorithm

Module parameters & operating point

abc
∗, φabc

∗, IBbi, vabc, fabc, Vs, fσn,L

Sort port voltages in descending order
|i3phv|>|i2phv|>|i1phv|

Loop over switching cycles
in 30° sector of AC port voltage

Control variables
Bi, φi3ph, φi2ph, φi1ph, φBi, δi3ph, δi2ph, δi1phδ

Calculate power flows
i3ph, pi2ph, pi1php

Calculate voltage-second products

i3ph, Ai2ph, Ai1ph, ABiA

Calculate commutation current ZVSI

    Calculate transformer leakage
inductance RMS current       rmsLσi,I

Minimize objective function

Optimal control variables
Bi, φi3ph, φi2ph, φi1ph, φBi, δi3ph, δi2ph, δi1phδ

Optimal control variables
in 30° sector of AC port voltage

Change set of variables

Change point in time

Calculate winding voltages
is,B, vip,ph3, vip,ph2, vip,ph1v

Figure 5.14: Flow chart of the optimization algorithm to de-
rive optimal control variables by minimizing the transformer
leakage inductance RMS current ILσi,rms subject to the power
flow and the ZVS constraints. I∗abc and φ∗abc represent the
reference values (RMS current and phase angle) for the AC
port currents. For PFC operation, the reference phase φ∗abc is
set to zero.

For every switching cycle Ts = 2π
ωs

in a 30◦ sector of the AC port volt-
age, the optimization routine calculates the optimal control variables.
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The optimization problem is stated as

min
x

 1

Ts

Ts∫
0

i2Lσi(x, τ) dτ

 (5.65)

with respect to

x =



δph1i

δph2i

δph3i

δBi
φph1i

φph2i

φph3i

φBi


with xlb =



0
0
0
0
−π
−π
−π
−π


, xub =



π/2
π/2
π/2
π/2
π
π
π
π


(5.66)

where x denotes the vector of control variables which is restricted to
lower and upper bounds xlb, xub.

The first equality constraints are given by the AC-side reference
power flows p∗ph1i, p

∗
ph2i, p

∗
ph3i according to

pph1i = p∗ph1i, (5.67)

pph2i = p∗ph2i, (5.68)

pph3i = p∗ph3i (5.69)

where the instantaneous power flows pph1i, pph2i, pph3i are calculated
by the general power flow equation (5.31) with the power shares (5.32)-
(5.34) expressed as functions of the power flow between two ports (5.30)
depending on the control variables. The DC-side power flow is then
inherently given. Further equality constraints are

φph1i = 0, (5.70)

φph2i = δph2i − δph1i, (5.71)

φph3i = δph3i − δph1i (5.72)

143



5 CASCADED AC-DC MULTI-PORT CONVERTER

where phase 1 with the highest absolute phase voltage is defined as
phase shift control reference and φph2i, φph3i are written as functions
of the AC-side clamping intervals (see Fig. 5.13). The last equality
constraint is given by the voltage-second product equalization using
(5.64). The inequality constraints arise from the position of the square-
wave voltage applied at the DC port in relation to the AC-side applied
MF voltages and the minimum commutation current for ZVS. The rising
edge of the MF DC winding voltage from 0 to vBi is constrained to the
interval [τ1, τ7] by means of

−φBi + δBi ≥ δph1i (= τ1), (5.73)

−φBi + δBi ≤ δph1i + π (= τ7) (5.74)

whereas the constraints for the rising edge from −vBi to 0 in interval
[τ1, τ7] are given as

−φBi − δBi ≥ δph1i (= τ1), (5.75)

−φBi − δBi ≤ δph1i + π (= τ7). (5.76)

The minimum commutation current IZVS > 0 needed for ZVS leads to
the constraints

iLσi(τ1) < −IZVS, (5.77)

iLσi(τ2) > IZVS (5.78)

as can be seen from Fig. 5.13. At the time instants τ7, τ8, ZVS is then
inherently guaranteed due to the symmetry of the modulation scheme
in the first and the second half of the switching period. The transformer
leakage inductance current iLσi at the switching instants τ1, τ2 is given
by

iLσi(τ1) =
|vph1i|+ |vph2i|+ |vph3i|+ 2nvBi

4ωsLσ
(φBi + δBi + δph1i) ,

(5.79)

iLσi(τ2) = −|vph1i|+ |vph2i|+ |vph3i|+ 2nvBi

4ωsLσ
(φBi + δBi + δph1i) .

(5.80)
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Analytic control variables

With the control variables numerically obtained by the above described
optimization procedure (see Fig. 5.14), the rising edge of the MF DC
winding voltage from 0 to vBi is always lagging the falling edge of the

MF AC winding voltage of phase 1 from
|vph1i|

2 to 0. This circumstance
is used in the following for determining the control variables τph1i, τph2i,
τph3i, τBi, θBi shown in Fig. 5.13 analytically in a sequential calcula-
tion scheme.

First, from the minimum commutation current IZVS required for
ZVS, the length of the current reversal interval is determined as

θBi =
4ωsLσIZVS

|vph1i|+ |vph2i|+ |vph3i|+ 2nvBi
(5.81)

where ωs = 2π
Ts

. With the reference phase currents i∗ph3i, i
∗
ph2i, i

∗
ph1i, the

control variables τph3i, τph2i, τph1i are then calculated by sequentially
solving the equations

i∗ph3i =
sign(vph3i)

2π

τph3i−θBi∫
0

|vph1i|+ |vph2i|+ |vph3i|
2ωsLσ

τ + IZVS dτ,

(5.82)

i∗ph2i = αi∗ph3i +
sign(vph2i)

2π

τph2i−τph3i∫
0

|vph1i|+ |vph2i|
2ωsLσ

τ + iLσi(τ3) dτ,

(5.83)

i∗ph1i = βi∗ph2i +
sign(vph1i)

2π

τph1i−τph2i∫
0

|vph1i|
2ωsLσ

τ + iLσi(τ4) dτ (5.84)

with the coefficients

α =
sign(vph2i)

sign(vph3i)
, (5.85)

β =
sign(vph1i)

sign(vph2i)
(5.86)
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where the integral terms represent the average current over a switching
cycle from the AC ports to the DC port (see Fig. 5.13).

Finally, the voltage-second product equalization (5.64) shown by the
shaded areas in Fig. 5.13 leads to

τBi =
1

2nvBi

[
|vph1i|(τph1i − θBi)

+ |vph2i|(τph2i − θBi) + |vph3i|(τph3i − θBi)

]
. (5.87)

The obtained control variables can then be transformed to the clamp-
ing intervals δph1i, δph2i, δph3i, δBi and the phase shifts φph1i, φph2i,
φph3i, φBi according to

δph1i =
1

2
(π − τph1i) , (5.88)

δph2i =
1

2
(π − τph2i) , (5.89)

δph3i =
1

2
(π − τph3i) , (5.90)

δBi =
1

2
(π − θBi − τBi) , (5.91)

φph1i = 0, (5.92)

φph2i = δph2i − δph1i, (5.93)

φph3i = δph3i − δph1i, (5.94)

φBi = − (δph1i + θBi + δBi) . (5.95)

Fig. 5.15 shows the control variables assigned to the phases over
an AC mains period calculated for a multi-port module design example
at an input power of 11 kW and a DC voltage of 460 V. For example,
at 5 ms the clamping interval δai reaches its maximum value of π2 where
the reference power p∗mai = 0 (PFC operation).
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Figure 5.15: Control variables in terms of clamping intervals
δai, δbi, δci, δBi and phase shifts φai, φbi, φci, φBi plotted
over an AC mains period for a reference phase current I∗abc =
16 A in PFC operation for a module design example with the
parameters Vabc,rms = 230 V, fabc = 50 Hz, VBi = 460 V,
n = 1, Lσ = 11.5 µH, fs = 50 kHz.

Maximum power transfer

The maximum power that can be transferred to the DC port by using
the ZVS modulation depends on the applied switching devices with a
required minimal commutation current IZVS to achieve ZVS and can
be calculated via the DC-side integral (see Fig. 5.13)

pBi,max =
1

π

∫ τBi

0

nvBi

(
nvBi

ωsLσ
τ + IZVS

)
dτ

=
1

π

(
n2v2

Biτ
2
Bi

2ωsLσ
+ nvBiIZVSτBi

)
. (5.96)
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5.5.3 Alternative modulations

Besides the two presented and investigated modulation schemes for the
multi-port module depicted in Fig. 5.2, one can think of other modu-
lation variations. For instance modulation schemes that allow ZCS at
the AC side for the use of IGBTs while maintaining ZVS at the DC side
suitable for a MOSFET application. Furthermore, instead of transfer-
ring power from the AC ports at the same time in parallel, sequential
schemes could be developed where only one phase transfers power while
the other two are in a clamping state. Furthermore, by integrating a
resonant circuit into the multi-port module a series or parallel resonant
converter [75] can be built where suitable modulation schemes could be
investigated.

5.6 Module design

For the evaluation of the efficiency of an AC-DC multi-port module
as depicted in Fig. 5.2, a design example applying the ZVS modula-
tion previously described in Section 5.5.2 is presented in the following.
The multi-port design example basically represents a 10 kW three-phase
bidirectional isolated AC-DC converter to connect to the 230 V low volt-

Table 5.1: Parameters of the AC-DC multi-port module de-
sign example.

Mains voltage Vabc 230 V

Mains frequency fabc 50 Hz

Battery voltage VBi 380 V. . . 540 V

Nominal output power PBi 10 kW

Switching frequency fsi 50 kHz

Transformer turns ratio n 1

Transformer leakage inductance Lσ 11.5 µH

Transformer magnetizing inductance - neglected

Inductors Lac, Ldc 100 µH

Capacitors Cac 20 µF

Inductor Ldc 100 µH

Capacitor Cdc 60 µF
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age AC grid and a DC-side storage battery pack with a voltage range
of 380 V up to 540 V. The converter system can be used for instance as
an electric vehicle battery charger or for uninterruptible power supplies.
The parameters of the module design example are given in Tab. 5.1
and are thoroughly discussed based on the selected components and the
applied loss models in the following. A 3D model of the module design
example is shown in Fig. 5.16.

170 m
m

80 m
m

320 m
m

Transformer

AC capacitors Control

Gate drives

DC inductor

AC inductors
EMI filter

MOSFETs

AC & DC port PCB

2 AC ports PCB

Figure 5.16: 3D drawing of the 10 kW design example with
a peak efficiency of 91.7 % at an output power of 10 kW and
a battery voltage of 380 V. The power density is around
2.5 kW/L.

5.6.1 Power components

In order to evaluate the AC-DC multi-port module efficiencies at dif-
ferent operating points, the module components with their applied loss
models are discussed. Tab. 5.2 summarizes the components of the
module design example.

Power MOSFETs

The use of the ZVS modulation described in Section 5.5.2 guarantees
soft-switching for every switching device in the multi-port module at
every switching instant. Therefore, MOSFETs are the best suited de-
vices, preferably with a comparable low on-state resistance to keep the
conduction losses low. As in the case of the AC-DC DAB module, a
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Table 5.2: Components of the AC-DC multi-port module
design example.

MOSFETs S1a, S1b, S2a, S2b 3x STY145N65M5, 650 V

MOSFETs S3a, S3b 3x STY145N65M5, 650 V

MOSFETs S1, S2, S3, S4 3x STY145N65M5, 650 V

Transformer 2x 2x E 80/38/20 N87

9 AC-side turns, 9 DC-side turns

Litz wire, 2205 strands, 0.071 mm

Inductors Lac 2x Kool Mu 4317 26u, 27 turns

Litz wire, 20 strands, 0.355 mm

Inductor Ldc 2x Kool Mu 4022 26u, 24 turns

Litz wire, 45 strands, 0.355 mm

Capacitors Cac 36x Syfer 1825J630564KX, 560 nF

Capacitor Cdc 108x Syfer 1825J630564KX, 560 nF

650 V MOSFET with an on-state resistance of 14 mΩ at 25 ◦C from
STMicroelectronics [149] is considered. The AC-side T-type circuits
apply three MOSFETs in parallel for the half-bridge and three MOS-
FETs in parallel for the clamping switch. For the DC-side full-bridge,
also three MOSFET devices are paralleled.

The MOSFET loss model is based on data sheet parameters and
described in Section B.1.2. The gate drive losses are modeled according
to Section B.1.3.

Transformer

For the design example, a four-winding transformer consisting of two
stacked E-core sets E 80/38/20 [162] next to each other with N87 fer-
rite material [163] is used with the AC-side windings wound on separate
magnetically paralleled legs and the DC winding around them as de-
picted in Fig. 5.17(a) and Fig. 5.17(c). The leakage space between
the AC windings and the DC winding defines the size of the total leak-
age inductance. The turns ratios n from each AC-side winding to the
DC-side winding of the transformer are chosen such that

nvBi >
V̂abc

2
(5.97)
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at the lowest battery voltage of 380 V with the battery voltage v′Bi =
nvBi referred to the AC side of the transformer. This guarantees that
the multi-port module is always operated in AC-to-DC boost mode
what has been a prerequisite for developing the ZVS modulation.

The total leakage inductance of the four-winding transformer is ap-
proximated by a simplified analytical calculation of the magnetic field
energy. The magnetic field is modeled by a 1D approximation as shown
in Fig. 5.17(b) with a single component Hz whereas Hx and Hy are
assumed to be zero. The fringing field at the top and the bottom of the
windings (top view given in Fig. 5.17(c)) is neglected in the following.

The magnetic energy stored in an AC-side winding with a relative
permeability of µw, a mean winding length of lp and a winding layer
thickness of dp is given by

Eac =
1

2
µ0µw

∫ dp

0

(
NpIp
hw

x

dp

)2

lphw dx =
µ0µwN

2
pI

2
pdplp

6hw
. (5.98)

For the DC-side winding a similar calculation with a mean winding
length of ls and a winding layer thickness of ds leads to the energy

Edc =
1

2
µ0µw

∫ ds

0

(
NsIs
hw

x

ds

)2

lshw dx =
µ0µwN

2
s I

2
s dsls

6hw
. (5.99)

For the magnetic energy stored in the leakage domain as depicted in
Fig. 5.17(c), the magnetic field component Hz is constant all over the
volume Aσhw so that

Eσ =
1

2
µ0µσ

(
NpIp
hw

)2

Aσhw =
µ0µσN

2
pI

2
pAσ

2hw
. (5.100)

By comparing the total magnetic field energy to the energy stored
in an AC-side referred total leakage inductance Lσ with

Etot = 3Eac + Edc + Eσ =
1

2
LσI

2
p , (5.101)

the leakage inductance is finally given by

Lσ =
2Etot

I2
p

. (5.102)
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Figure 5.17: 2D drawing of the four-winding transformer in
(a) consisting of two sets of E-cores. The AC-side windings
Wp,ai, Wp,bi, Wp,ci are wound on the inner legs with the DC-
side winding Ws,Bi wound around them. The leakage space
between the AC windings and the DC winding defines the size
of the total leakage inductance Lσ. In (b) the 1D magnetic
field approximation with a single component Hz (Hx = Hy =
0 assumed) is depicted whereas (c) shows the top view of
the four-winding transformer with the leakage domain Aσ. In
(d) the reluctance model with the winding flux sources Φp,ai,

Φp,bi, Φp,ci,
Φs,Bi

2
is given.
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The AC-side current excitation Ip cancels out due to Ampère’s law
with NpIp = NsIs (see also Fig. 5.17(b)). The calculated leakage in-
ductance deviates by 6.5 % for the considered four-winding transformer
compared to a 3D finite element method (FEM) analysis carried out at
50 kHz. Especially with increasing core size, the fringing field at the top
and the bottom of the windings cannot be neglected anymore as the de-
viations from the proposed calculation to a FEM analysis substantially
increase.

The total transformer leakage inductance Lσ is determined in such
a way, that the maximum power of 10 kW can be transferred at the
switching frequency of 50 kHz and the lowest battery voltage of 380 V.
From the maximum power flow equation (5.96), the leakage inductance
Lσ is determined by setting pBi = 10 kW.

In the loss model, the core losses are calculated by applying the
improved generalized Steinmetz equation (iGSE) as described in Sec-
tion B.2.2 by solving the reluctance model of the four-winding trans-
former depicted in Fig. 5.17(d). The skin and proximity effect losses
in the litz wires for each current harmonic are determined according
to Section B.2.1. The external magnetic field strength for evaluating
proximity effect losses is derived by a 1D approximation.

For the given core arrangement, the total losses including core losses
as well as skin and proximity effect losses using litz wire are minimized
subject to turns ratio and leakage inductance constraints. The optimal
number of turns is found to be 9 for all windings. 2114 strands for the
AC windings and 2538 for the DC winding with a diameter of 0.08 mm
lead to the lowest transformer losses. The design example applies the
commercially available litz wire with 2205 strands with a diameter of
0.071 mm.

Inductors

The AC-side filter inductors Lac are built with two stacked E-cores
of type Kool Mu 4317 [154], the DC-side filter inductor Ldc with two
stacked E-cores of type Kool Mu 4022 [164]. The chosen material for
both core types is 26u from Magnetics [155]. Powder cores are ide-
ally suited for the design example because they offer a distributed air
gap and a high saturation flux density of around 1 T and are therefore
advantageous over ferrite cores with a large air gap exhibiting consid-
erable fringing magnetic field. Both inductors are wound with litz wire
of 0.355 mm strand diameter, 20 strands in case of the AC inductors
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Lac and 45 strands for the DC inductor Ldc. The number of turns for
the AC inductors are 27, for the DC inductor 24, so that a minimum
inductance value of 100 µH is guaranteed at the highest peak current.

Again, the core losses are calculated by using the iGSE as given in
Section B.2.2, the Steinmetz parameters are obtained from the material
curves provided by the manufacturer [155]. The skin and proximity
effect losses in the litz wire for each current harmonic are calculated
according to Section B.2.1 with a 1D magnetic field approximation.

Capacitors

For the AC and DC port capacitors Cac, Cdc, paralleled 560 nF, 630 V
ceramic capacitors with dielectric X7R from Syfer [156] are used. Multi-
layer ceramic capacitors exhibit a high energy density and are therefore
ideally suited to achieve high power densities. The applied loss model
by considering the equivalent series resistance (ESR) from the manu-
facturers data sheet is discussed in Section B.3.

Auxiliary losses

Besides the load-dependent losses shown in the previous sections, a con-
stant loss share of 40 W for the pre-charging relays, the FPGA control
board, the sensing and four fans is considered. Additional losses caused
by the EMI filter are approximated by an equivalent resistance of 4 mΩ.

Cooling system

The number of semiconductors basically defines the base plate size of
the heat sink as 160 mm× 113 mm for the AC- and DC-side switching
devices, so that a double-sided heat sink can be used. Four fans of
type San Ace 40 mm× 40 mm are utilized for forced convection cooling.
After optimizing the cooling system as described in [157], a thermal heat
sink to ambient resistance of Rth,s-a = 0.12 K/W results which in turn
leads to a cooling system performance index (CSPI) of 20.8.

5.6.2 Efficiency calculations

With the described power components above, the efficiencies of the
module design example over the output power range are calculated for
the battery voltages 380 V, 460 V and 540 V as shown in Fig. 5.18.
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A peak efficiency of 91.7 % is reached at an output power of 10.1 kW
and a battery voltage of 380 V. The estimated power density is around
2.5 kW/L.
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Figure 5.18: Calculated efficiencies of the AC-DC multi-
port module design example applying the ZVS modulation
from Section 5.5.2 over the output power range for the bat-
tery voltages 380 V, 460 V and 540 V. Due to relatively high
switching losses and conduction losses caused by the circu-
lating current through all ports, the efficiency of the AC-DC
multi-port module is relatively low.

Transformer: 21%

Inductors: 5%
Capacitors: 1%

Power MOSFETs: 64%

Auxiliary: 9%

Figure 5.19: Calculated loss distribution between the AC-
DC multi-port module components at the maximum output
power of 10 kW and a battery voltage of 460 V applying the
ZVS modulation from Section 5.5.2.

The loss distribution between the module components at the maxi-
mum output power of 10 kW and a battery voltage of 460 V is depicted

155



5 CASCADED AC-DC MULTI-PORT CONVERTER

in Fig. 5.19. The major parts of the losses represent the MOSFET
losses with a percentage of 64 % and the transformer losses with a per-
centage of 21 %. The remaining percentage of 15 % accounts for the
losses occurring in the AC- and DC-side filter inductors and capaci-
tors as well as the auxiliary losses for the sensing, the control and the
cooling.

5.7 Module simulation

For validating the developed modulation schemes for the AC-DC multi-
port module, a circuit simulation in GeckoCIRCUITS [161] is per-
formed. The simulation model corresponds to the multi-port module
depicted in Fig. 5.2. The parameters of the simulation model are given
below, separately for each modulation scheme.

The transformer arrangement is modeled with three single-phase
transformers with an AC-side leakage inductance of Lσ

3 and the DC-
side windings connected in series as previously shown in Fig. 5.3. The
applied two-winding transformer model is the one of a basic ideal trans-
former without considering the magnetizing inductance but with the
leakage inductance connected in series to the AC-side winding. Since
the focus of the simulation lies on the implementation and verification
of the modulation schemes for the proposed multi-port module, the
transformer arrangement is only modeled in the electric domain.

Also for the storage battery, the application of a sophisticated model
in terms of the open-circuit voltage depending on the state of charge
(SOC) is not required as the verification of the modulation scheme
in simulation can be done over a few AC grid cycle periods. Moreover,
since only the steady state operation of the module is investigated, tran-
sient battery models are not necessary. Therefore, the storage battery
is modeled as a constant voltage source.

In the following, the simulation results of the AC-DC multi-port
module for the two proposed modulation schemes are presented and
discussed.

5.7.1 Fundamental phasor modulation

The fundamental phasor modulation developed and proposed in Sec-
tion 5.5.1 is implemented in Java as part of the simulation model. The
parameters of the model are summarized in Tab. 5.3.
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Table 5.3: Simulation parameters of the AC-DC multi-port
module applying the fundamental phasor modulation.

Mains voltage Vabc 230 V

Mains frequency fabc 50 Hz

Battery voltage VBi 400 V

Switching frequency fsi 20 kHz

Transformer turns ratios n 1/2

Transformer leakage inductance Lσ 9 µH

Transformer magnetizing inductance - neglected

Inductors Lac, Ldc 100 µH

Capacitors Cac 50 µF

Inductor Ldc 100 µH

Capacitor Cdc 50 µF

The control functions for the phase angles φai, φbi, φci and the
clamping interval δabci are calculated numerically via the primary con-
trol variables δabci, φsi (as depicted in Fig. 5.11) by solving the nonlin-
ear system of equations (5.52)-(5.54) while taking the control functions
(5.55)-(5.57) and the evaluation of (5.39) into account. The results are
then stored in a lookup table (LUT) and loaded on each simulation
start.

To keep the LF harmonic distortion at the AC grid side low, the
AC-side clamping interval is fixed by setting δBi = π

6 . The simulation
is run without a feedback loop in place in order to validate the mathe-
matical model of the modulation scheme. The reference phase current
amplitude is set to Î∗abc = 20 A with a reference phase angle φ∗abc = π

8
(capacitive AC-to-DC operation).

Fig. 5.20 shows the simulated AC phase currents ia, ib, ic and
the DC current iBi of the AC-DC multi-port module. Moreover, the
module port voltages vai, vbi, vci, which are the voltages across the
series connection of the two capacitors Cac, with their characteristic
sinusoidal waveforms in each phase are shown. It can be seen that the
AC phase currents are slightly distorted which comes from the applied
fundamental phasor modulation which does not consider high order MF
harmonics in the model as discussed previously.

157



5 CASCADED AC-DC MULTI-PORT CONVERTER

In Fig. 5.21, the simulated voltages across the transformer wind-
ings vp,ai, vp,bi, vp,ci, vs,Bi are shown with the transformer winding
currents ip,ai, ip,bi, ip,ci, is,Bi. Since the magnetizing inductances of
the transformers are neglected, all AC-side winding currents equal the
leakage inductance current iLσi referred to the AC side. Furthermore,
the resulting AC-side voltage sum vp,si with its corresponding six-pulse
waveform is depicted.
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Figure 5.20: Simulated AC phase currents ia, ib, ic and DC
current iBi of the AC-DC multi-port module (see Fig. 5.2)
with the parameters given in Tab. 5.3 applying the funda-
mental phasor modulation for the reference values Î∗abc = 20 A
and φ∗abc = π

8
in AC-to-DC operation. The module voltages

vai, vbi, vci represent the voltages across the series connection
of the two capacitors Cac in each phase. vCBi is the voltage
across the DC capacitor Cdc.
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Finally, the zoom of Fig. 5.21 is given in Fig. 5.22 where the actual
MF voltage signals applied to the transformer windings and the result-
ing leakage inductance current can be clearly seen. The transformer
current iLσi is shaped by the MF voltages vp,si and vs,Bi. Nevertheless,
the shape of the current iLσi cannot be controlled in such a way, that
at every switching instant ZVS is achieved. This is, besides the LF cur-
rent distortion, a further drawback of the introduced MF fundamental
model.
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Figure 5.21: Simulated voltages vp,ai, vp,bi, vp,ci, vs,Bi across
the transformer windings, resulting AC-side voltage sum vp,si

and transformer winding currents ip,ai, ip,bi, ip,ci, is,Bi of the
AC-DC multi-port module (see Fig. 5.2) with the parameters
given in Tab. 5.3 applying the fundamental phasor modula-
tion for the reference values Î∗abc = 20 A and φ∗abc = π

8
in

AC-to-DC operation.
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Figure 5.22: Zoom of Fig. 5.21 with the simulated volt-
ages vp,ai, vp,bi, vp,ci, vs,Bi across the transformer windings,
resulting AC-side voltage sum vp,si and transformer winding
currents ip,ai, ip,bi, ip,ci, is,Bi of the AC-DC multi-port mod-
ule (see Fig. 5.2) with the parameters given in Tab. 5.3 ap-
plying the fundamental phasor modulation for the reference
values Î∗abc = 20 A and φ∗abc = π

8
in AC-to-DC operation.

5.7.2 ZVS modulation

Also for the ZVS modulation presented in Section 5.5.2, the implemen-
tation is done in Java as part of the simulation model. The parameters
of the model are summarized in Tab. 5.4. The control functions for
the phase angles φai, φbi, φci, φBi and the clamping intervals δai, δbi,
δci, δBi (as depicted in Fig. 5.15) are calculated numerically via the
primary control variables τph1i, τph2i, τph3i, τBi, θBi shown in Fig. 5.13
by sequentially solving the equations (5.81)-(5.87).
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Table 5.4: Simulation parameters of the AC-DC multi-port
module applying the ZVS modulation.

Mains voltage Vabc 230 V

Mains frequency fabc 50 Hz

Battery voltage VBi 460 V

Switching frequency fsi 50 kHz

Transformer turns ratios n 1

Transformer leakage inductance Lσ 11.5 µH

Transformer magnetizing inductance - neglected

Inductors Lac, Ldc 100 µH

Capacitors Cac 20 µF

Inductor Ldc 100 µH

Capacitor Cdc 60 µF

Thereafter, the transformation equations given in (5.88)-(5.95) are
applied to get the phase angles and the clamping intervals. The results
are then stored in a LUT and loaded on each simulation start.

As in the case of the fundamental phasor modulation, the focus of
the simulation lies on the validation of the ZVS modulation model what
is done without a feedback loop in place. The reference phase RMS
current is set to I∗abc = 16 A with a reference phase angle φ∗abc = 0
(AC-to-DC operation). With the developed ZVS modulation scheme,
reactive power compensation at the AC ports is not possible, so that
the AC-side capacitance values Cac are substantially reduced compared
to the case of the fundamental phasor modulation. This ensures to
achieve a high power factor (PF) at the AC ports.

Fig. 5.23 shows the simulated AC phase currents ia, ib, ic and
the DC current iBi of the AC-DC multi-port module. Furthermore,
the module port voltages vai, vbi, vci which are the voltages across
the series connection of the two capacitors Cac with their characteristic
sinusoidal waveforms in each phase are shown. It can be seen that the
AC phase currents are slightly leading the phase voltages which is due
to the capacitive AC ports and the inability of the ZVS modulation to
compensate the reactive power.
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In Fig. 5.24, the simulated voltages across the transformer wind-
ings vp,ai, vp,bi, vp,ci, vs,Bi are shown with the transformer winding
currents ip,ai, ip,bi, ip,ci, is,Bi. Since the magnetizing inductances of
the transformers are neglected, all AC-side winding currents equal the
leakage inductance current iLσi referred to the AC side. Furthermore,
the resulting AC-side voltage sum vp,si with its corresponding six-pulse
waveform is depicted.
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Figure 5.23: Simulated AC phase currents ia, ib, ic and DC
current iBi of the AC-DC multi-port module (see Fig. 5.2)
with the parameters given in Tab. 5.4 applying the ZVS mod-
ulation for the reference values I∗abc = 16 A, φ∗abc = 0 in AC-
to-DC operation. The module voltages vai, vbi, vci represent
the voltages across the series connection of the two capacitors
Cac in each phase. vCBi is the voltage across the DC capacitor
Cdc.
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5.7 MODULE SIMULATION

Additionally, the zoom of Fig. 5.24 is given in Fig. 5.25 where
the actual MF voltage signals applied to the transformer windings and
the resulting leakage inductance current are depicted. The transformer
current iLσi is shaped by the MF voltages vp,si and vs,Bi in such a way,
that at every switching instant ZVS can be achieved. The simulated
waveforms validate the theoretical ones previously shown in Fig. 5.13.
Compared to the fundamental phasor modulation, the leakage induc-
tance current iLσi can be controlled to allow ZVS and to also reduce
the LF current distortion.
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Figure 5.24: Simulated voltages vp,ai, vp,bi, vp,ci, vs,Bi across
the transformer windings, resulting AC-side voltage sum vp,si

and transformer winding currents ip,ai, ip,bi, ip,ci, is,Bi of the
AC-DC multi-port module (see Fig. 5.2) with the parame-
ters given in Tab. 5.4 applying the ZVS modulation for the
reference values I∗abc = 16 A, φ∗abc = 0 in AC-to-DC operation.
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Figure 5.25: Zoom of Fig. 5.24 with the simulated volt-
ages vp,ai, vp,bi, vp,ci, vs,Bi across the transformer windings,
resulting AC-side voltage sum vp,si and transformer winding
currents ip,ai, ip,bi, ip,ci, is,Bi of the AC-DC multi-port mod-
ule (see Fig. 5.2) with the parameters given in Tab. 5.4 ap-
plying the ZVS modulation for the reference values I∗abc =
16 A, φ∗abc = 0 in AC-to-DC operation.

5.8 Summary and conclusion

In this chapter, a new cascaded AC-DC multi-port converter for bat-
tery energy storage systems is introduced. The topology is derived
from state-of-the-art DC-DC multi-port converters in order to integrate
module-level galvanic isolation and to provide bidirectional power flow
capability. Each converter module consists of three AC ports for the
three different phases and one DC port to attach a storage battery pack.
The AC ports belonging to the same phase are connected in series to
distribute the AC phase voltage among the converter modules.

The developed module topology allows the summation of the AC-
side winding voltages by applying either three two-winding transform-
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ers with the DC-side windings electrically connected in series or a four-
winding transformer with the AC-side windings magnetically connected
in parallel. In this way, a three-phase AC port is formed by the series
connection of the AC ports belonging to the three different phases,
so that an approximately constant sum of the half-cycle voltage-second
products applied to the AC-side windings becomes available for control.
Since the series connection of the AC port windings lead to clamping
intervals varying in a wide range depending on the instantaneous phase
current/power, the use of T-type blocks at the AC side is advanta-
geous as the conduction losses caused by the circulating current flowing
through all ports (three AC and one DC port) can be reduced with the
use of semiconductor devices rated for a lower blocking voltage in the
clamping switch (lower on-state resistance) compared to the devices in
the half-bridge.

Moreover, the operating principle on module as well as on system
level is briefly explained. The AC-DC multi-port modules are mod-
eled by their three capacitive AC voltage ports consisting of the series
connection of two filter capacitors and a controlled current source in
parallel. By adjusting the power transfer at an AC port of the multi-
port module, the current sources are controlled in order to regulate the
AC port module voltages and therefore the grid current. By controlling
the AC port module voltages, also the power distribution among the
AC ports in the same phase is set since all AC ports in a phase string
are connected in series and exhibit the same module current.

For designing and controlling a multi-port converter system, the
mathematical description of the power flows depending on the control
variables is essential. With the well-known approach using piecewise
linear equations for the transformer leakage inductance current, several
mathematical cases depending on the phase shifts and the clamping in-
tervals have to be distinguished. Due to the mathematical complexity,
especially for high port numbers, a new modeling approach is intro-
duced by using basic superposition principles to find general analytical
formulas for the power flows. With this approach, there is no need for
a mathematical distinction of cases.

For the AC-DC multi-port module, two different modulation schemes
are developed. A first one is based on a simple fundamental wave model
of the MF square-wave voltages applied to the transformer windings
where higher order harmonics are neglected. An analytical calculation
scheme is established for determining the control variables in terms of
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5 CASCADED AC-DC MULTI-PORT CONVERTER

phase shifts and clamping intervals. The main drawbacks induced are
the LF harmonic phase current distortions as well as the lack of soft-
switching conditions at every switching instant since the transformer
leakage inductance current is not actively shaped. To overcome these
drawbacks, a second modulation scheme based on the introduced gen-
eral power flow equations considering also ZVS conditions is developed.
The control variables are first determined numerically by implement-
ing an optimization for minimizing the transformer leakage inductance
RMS current under ZVS constraints. The results obtained numerically
show a structure that can be also modeled by analytic equations which
is presented in a second step.

Furthermore, a design example of a 10 kW AC-DC multi-port mod-
ule is presented with the components and losses described by state-of-
the-art models for evaluating the theoretical efficiencies that could be
reached. The design example predicts a peak efficiency of around 91.7 %
at an output power of 10 kW and a battery voltage of 380 V. The es-
timated power density is around 2.5 kW/L. With the series connection
of all ports given through the module topology, the conduction losses
caused by the circulating current substantially decrease the achievable
efficiency. In general, a relatively large chip area is required at the AC
side (the design example uses three MOSFET devices in parallel).

For validating the theoretical aspects of the developed modulation
schemes, the AC-DC multi-port module is simulated with the modu-
lation schemes implemented as part of the simulation model. The ob-
tained simulation curves conform to the developed mathematical models
for the modulation schemes and show the feasibility of their implemen-
tation by using LUTs precalculated offline. For the fundamental phasor
modulation the LF harmonic distortions of the AC phase currents can
be clearly seen whereas in case of the ZVS modulation the harmonic
distortion of the AC current waveforms is substantially decreased.
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6
Multi-Objective Optimization and

Comparison

After proposing and investigating two different bidirectional isolated
AC-DC converter systems for battery energy storage systems on system
as well as on module level, this chapter deals with the multi-objective
optimization and final comparison of the considered converter systems.
The power components and the associated losses are modeled in the
electric, magnetic and thermal domain and comprehensive converter
optimizations are carried out for

I the single-stage AC-DC dual active bridge (DAB) module,

I the single-stage AC-DC multi-port module,

I the conventional two-stage AC-DC H-bridge module connected to
a DC-DC dual active bridge (DAB).

The optimization and comparison covers the single-stage AC-DC DAB
module and the two-stage AC-DC H-bridge module connected to a DC-
DC DAB as single-phase converter systems whereas the single-stage
AC-DC multi-port module represents a three-phase converter system.
To compare the single-phase converters with the three-phase converter,
equivalent three-phase modules as a combination of three single-phase
modules by paralleling their DC outputs are considered as depicted in
Fig. 6.1.
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Figure 6.1: Three single-phase AC-DC converter modules
(exemplarily shown for a single-stage solution) extended to a
three-phase AC-DC converter module by paralleling their DC
outputs (a) and a three-phase AC-DC converter module based
on the multi-port approach (b).

The AC input power is assumed to be equal for all three phases with

Pph = Pa = Pb = Pc. (6.1)

Furthermore, with equally built single-phase modules the volume per
phase is given by

Vph = Va = Vb = Vc. (6.2)
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The DC output power of the three-phase module consisting of single-
phase modules (see Fig. 6.1(a)) with a given phase input power and
efficiency is expressed as

Pdc = ηaPa + ηbPb + ηcPc. (6.3)

Considering single-phase modules with an equal AC input power and
equal efficiencies

η = ηa = ηb = ηc (6.4)

the DC power can be rewritten as

Pdc = η(Pa + Pb + Pc) = 3ηPph (6.5)

with η being the efficiency of an equivalent three-phase system. In a
similar way, the DC output power of combined single-phase modules
can be formulated depending on their volume and their power density
as

Pdc = ρaVa + ρbVb + ρcVc. (6.6)

Assuming an equal volume as well as an equal power density for all
single-phase modules with

ρ = ρa = ρb = ρc (6.7)

the DC power can be represented as

Pdc = ρ(Va + Vb + Vc) = 3ρVph (6.8)

with ρ being the power density of an equivalent three-phase system.
Provided that the single-phase modules with their properties stated
above are combined to an equivalent three-phase module as depicted in
Fig. 6.1(a), the following optimization can be carried out for compar-
ing single-phase to three-phase converter modules in terms of efficiency
and power density.

6.1 Specifications of converter modules

The converter modules considered for the multi-objective optimization
are the single-stage AC-DC DAB module from Chapter 4 depicted in
Fig. 6.2, the single-stage AC-DC multi-port module from Chapter 5
depicted in Fig. 6.4 and the conventional two-stage AC-DC H-bridge
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module connected to a DC-DC DAB depicted in Fig. 6.3 which rep-
resents a state-of-the-art implementation of the galvanic isolation on
module level in a cascaded H-bridge converter (CHB).
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Figure 6.2: Single-stage AC-DC DAB converter module
applying a grid-side half-bridge with bidirectional switches,
a battery-side full-bridge with unidirectional switches and a
medium-frequency transformer providing the galvanic isola-
tion. The AC voltage vb corresponds to the sinusoidal grid
voltage waveform.
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Figure 6.3: Two-stage converter module consisting of an
AC-DC H-bridge module with unidirectional switches con-
nected to a DC-DC DAB converter with a primary and a
secondary full-bridge for providing the galvanic isolation. The
AC voltage vb corresponds to the sinusoidal grid voltage wave-
form.
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Figure 6.4: Single-stage AC-DC multi-port converter
module applying grid-side T-type blocks with bidirec-
tional switches, a battery-side full-bridge with unidirectional
switches and a four-winding medium-frequency transformer
providing the galvanic isolation. The AC voltages va, vb, vc

correspond to the sinusoidal grid voltage waveforms.

For the AC-DC DAB module, the ZVS modulation with variable
switching frequency as discussed in Section 4.3.2 is applied whereas
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6 MULTI-OBJECTIVE OPTIMIZATION AND COMPARISON

for the AC-DC multi-port module, the ZVS modulation presented in
Section 5.5.2 is considered. For both converter modules, the control
variables are derived by the proposed optimization procedures covered
in the corresponding sections.

The AC-DC H-bridge module in the conventional two-stage ap-
proach is operated by a state-of-the-art three-level carrier based pulse
width modulation (PWM). For the connected DC-DC DAB converter
at the DC link, the standard phase shift modulation is considered as this
modulation scheme allows a high efficiency at a relatively high power
density.

For the comparison of the module types, the AC mains voltage is
fixed at 230 V, 50 Hz, the battery voltage and the DC link voltage in
the two-stage system is assumed to be 400 V. With a reference phase
current of 16 A, the AC-DC DAB module, the AC-DC H-bridge mod-
ule and the DC-DC DAB converter are operated at an input power of
3.68 kW. The AC-DC multi-port module is connected to a three-phase
voltage system, so that an input power of 11.04 kW results.

The passive filter components in terms of the inductors Lac, Ldc

and the capacitors Cac, Cdc, Cdc1, Cdc2 are dimensioned during the op-
timization procedure to guarantee peak-to-peak voltage ripples below
5 % and peak-to-peak current ripples below 2.5 %. With these specifica-
tions, the input and output currents of all module types fulfill the same
current ripple limits. The implemented modulation schemes further en-
sure that low order current harmonics at the AC side are kept low. The

Table 6.1: Specifications of the converter modules for the
multi-objective optimization and comparison.

Mains voltage Va, Vb, Vc 230 V

Mains frequency fa, fb, fc 50 Hz

Battery voltage VBbi, VBi 400 V

DC link voltage Vdc1 400 V

Reference phase current Ia, Ib, Ic 16 A

Transformer turns ratio n 1

Capacitor voltage ripple vac,pp, vdc,pp, vdc1,pp, vdc2,pp 5 %

Inductor current ripple ia,pp, ib,pp, ic,pp, iBbi,pp, iBi,pp 2.5 %

Ambient temperature Ta 40 ◦C
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specifications of the converter modules are summarized in Tab. 6.1.
The implemented optimization uses discrete semiconductor devices

with the total number of devices per converter power limited to a max-
imum for a reasonable comparison of single-phase and three-phase con-
verter modules. The optimization procedure varies the number of par-
allel switching devices as shown later in Section 6.3 until the maximum
chip area for the converter module is reached.

6.2 Modeling of power components

For the multi-objective optimization and comparison of the converter
modules in terms of efficiency and power density, the modeling of the
power components is an important prerequisite. In the following, the
applied models of the semiconductor devices, the inductive components
like inductors and transformers as well as the capacitors are given. A
multi-domain modeling approach is chosen which considers the electric,
magnetic and thermal domain.

6.2.1 Semiconductor devices

The semiconductor model uses a discrete reference MOSFET for the
operation under ZVS conditions in the single-stage converter modules
and a discrete reference IGBT operated under hard-switching condi-
tions for the H-bridge in the two-stage converter module. The selected
reference devices are

I the 650 V MOSFET IPW65R019C7 from Infineon [165] in a TO-
247 package,

I the 650 V IGBT IKW50N65F5 with an antiparallel diode from
Infineon [166] in a TO-247 package,

both from the same voltage class with a comparable low on-state resis-
tance and a low collector-emitter saturation voltage respectively.

The conduction and switching losses are calculated based on data
sheet parameters with the loss models given in Section B.1.1 for IGBTs
and in Section B.1.2 for MOSFETs. The gate drive losses are modeled
according to Section B.1.3.

For the semiconductor devices, a forced convection cooling system
with a cooling system performance index (CSPI) of 15 W/(K·dm3) [167]
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is assumed. The junction temperatures Tj are supposed to be 125 ◦C
for the MOSFETs and 150 ◦C for the IGBTs. These temperatures are
25 ◦C below the maximum junction temperatures allowed by the man-
ufacturer.

+
-
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Figure 6.5: Thermal model of the forced convection cool-
ing system for the semiconductor devices considered in the
optimization process. Ps,avg represents the average losses per
semiconductor device.

The determination of the heat sink volume is done by solving the
thermal model shown in Fig. 6.5. First, the heat sink temperature Ts

is calculated with
Ts = Tj −Rth,j-sPs,avg (6.9)

with the average power loss Ps,avg per semiconductor device and a ther-
mal resistance junction-to-sink

Rth,j-s =
Rth,j-s,Anom

Achip
(6.10)

applying the data sheet study from [168] with a nominal junction-to-
sink resistance of Rth,j-s,Anom = 30 K/(W·mm2). The chip area Achip

is approximated by the mounting area of a TO-247 case. The thermal
resistance sink-to-ambient is then given by

Rth,s-a =
Ts − Ta∑
Ps,avg

, (6.11)

so that the heat sink volume can be determined depending on the as-
sumed CSPI with

Vs =
1

CSPI ·Rth,s-a
. (6.12)

174



6.2 MODELING OF POWER COMPONENTS

6.2.2 Inductive components

The inductive components in terms of an inductor or a transformer are
both modeled with E-cores where the geometry is varied to find the
Pareto optimal points. The introduced geometry parameters are the
dimensions ac, bc, cc, dc (see Fig. 6.6(a)) with their limits given by

bc ∈ [10 mm, 50 mm] , (6.13)

dc ∈ [bc, 2bc] , (6.14)

ac ∈ [2bc + 10 mm, 6bc] , (6.15)

cc ∈ [10 mm, 2bc] . (6.16)

The core material considered for the inductive components are

I the Kool Mu 26u material (powder cores) from Magnetics [155]
for the inductors with the maximum allowable flux density set to
Bmax = 1 T · 60 %,

I the nanocrystalline VITROPERM 500F material from VACUUM-
SCHMELZE [151] for the transformers with the maximum allow-
able flux density set to Bmax = 1.2 T · 60 %.

Powder cores with a distributed air gap are ideally suited for the in-
ductors since no additional air gap has to be introduced in the E-core
which would result in undesirable additional winding losses caused by
the fringing magnetic field. The VITROPERM 500F material exhibits
a high relative permeability of around µr = 20 000 [151] (around a fac-
tor of 10 higher than ferrite) which allows to build a transformer with
a comparable high magnetizing inductance. This is especially advan-
tageous for DAB based converter systems since the derivation of the
modulation schemes usually neglect the magnetizing inductance of the
transformer.

Besides the variation of the core dimensions, the number of turns of
a (primary) winding is iterated within the limits

I Nw ∈ [5, 20] for the filter inductors Lac, Ldc,
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I Nw ∈ [5, 200] for the boost inductance Lac in the H-bridge module
because of the high inductance values required for the given AC
current ripple specification (see Tab. 6.1),

I Nw1 ∈ [5, 20] for the two- as well as the four-winding transformer
in the AC-DC DAB, the AC-DC multi-port and the DC-DC DAB
module.

In case of a transformer, the number of turns of the secondary winding
is given by the fixed transformer turns ratio n and can be calculated as
Nw2 = Nw1

n .

For the windings, litz wire is assumed in order to reduce skin and
proximity effect losses compared to solid round wire and to allow a
better mechanical assembly due to the flexibility of the wire. The op-
timization considers a discrete selection of litz wire windings with any
combination of

I strand diameters 0.071 mm, 0.1 mm, 0.125 mm, 0.2 mm [169],

I number of strands 500, 1000, 1500, 2000.

The current density per strand is limited to Jmax = 4 A/mm2 by the
optimization procedure.

Inductor

The 3D drawing of the inductor considered in the optimization is given
in Fig. 6.6(a) with the relevant surface areas for free convection cooling
depicted in Fig. 6.6(b).

The inductance value L can be determined with the reluctance
model shown in Fig. 6.7 as

L =
N2

w

Rm
=

N2
w
lm

µ0µmAe

(6.17)

with Nw being the number of turns, Ae the core cross section area and
µm the relative permeability of the core material. The mean magnetic
length lm is given by

lm = ac + 2hw. (6.18)
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Figure 6.6: 3D drawing of the inductor considered for the
optimization and the module comparison with the dimensions
of the geometry labeled in (a) and the relevant surface areas
for free convection cooling shaded in (b) which are used in the
thermal model for the inductor.

mRwΦ

Figure 6.7: Reluctance model of the inductor considered in
the optimization process for determining the core losses. The
flux source Φw represents the flux in the core driven by the
winding current iw.

The core losses are calculated by using the improved generalized
Steinmetz equation (iGSE) as given in Section B.2.2, the Steinmetz pa-
rameters are obtained from the material curves provided by the man-
ufacturer [155]. With the reluctance model depicted in Fig. 6.7, the
flux in the core excited by the winding current is given by

Φw =
L

Nw
iw, (6.19)

so that the iGSE can be applied for the reluctance Rm. The inductance
value L is assumed to be constant which requires the operation of the
inductor in the linear region of the core material.

The skin and proximity effect losses in the litz wire for each current
harmonic are calculated according to Section B.2.1 with a 1D magnetic
field approximation.
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Figure 6.8: Thermal model of the inductor (see Fig. 6.6)
considered in the optimization process. Pw are the winding
losses, Pcc are the core losses in the core volume covered by
the winding and Pco are the core losses in the core volume
that is exposed to the air.

Fig. 6.8 shows the thermal model of the inductor considered in
the optimization process with the winding losses Pw, the covered core
losses Pcc and the core losses Pco in the volume exposed to the air.
Rth,rad and Rth,tan are the distributed thermal resistances in the radial
and the tangential direction of the winding according to [170]. For
the sake of simplicity, the litz wire is thermally modeled like a solid
round conductor. The detailed equations for the radial and tangential
resistances are given in [170] which are then connected in parallel to
obtain the thermal winding resistance

Rth,w =
1

2

Rth,radRth,tan

Rth,rad +Rth,tan

nL

nT
(6.20)

with nL being the number of layers and nT the number of turns per
layer. The thermal resistance of the core is given by

Rth,c =
1

4

bc + hw + ac−2bc
2

λc
Ae

2

(6.21)

with the thermal conductivity of the Kool Mu material λc = 80 W/(K·m)
[171]. With the assumption of free convection cooling, the thermal
transfer resistance between the winding and the ambient is given by

Rth,w-a =
1

αcAw
(6.22)

and the thermal transfer resistance between the core and the ambient
by

Rth,c-a =
1

αcAc
. (6.23)
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The relevant surface areas Aw, Ac where the cooling air is flowing along
(see Fig. 6.6(b)) for the winding and the core can be determined as

Aw = 2

(
Aw1 + 2Aw2 + 2

Acw

2

)

= 2

hw(ac − bc) + 2hwd+ (ac − bc)

√(
bc
2

)2

+ d2

 (6.24)

and

Ac = 2Ac1 + 2Ac2 + 2

(
2Ac3 + 2

Acw

2

)
= 2acdc + 2(hw + bc)dc

+ 2

2(hw + bc)
bc
2

+ (ac − bc)

√(
bc
2

)2

+ d2

 . (6.25)

A heat transfer coefficient of αc = 10 W/(K·m2) for free convection
cooling [172] is considered in the optimization.

The heat source Pw in Fig. 6.8 represents the total losses occurring
in the winding. The core losses are split into the part Pcc occurring in
the volume covered by the winding and the remaining part Pco which
describes the losses in the core volume that is exposed to the air. The
heat sources in the core are then given by

Pcc =
Vcc

Vcc + Vco
Pc, (6.26)

Pco =
Vco

Vcc + Vco
Pc (6.27)

with the total core losses Pc and the core volumes

Vcc = bchwdc, (6.28)

Vco = ac(bc + hw)dc. (6.29)

For every calculation of the thermal model, the temperatures Tw,
Tcc, Tco (see Fig. 6.8) are evaluated. If these temperatures exceed the
limit of Tmax = 90 ◦C, the design point is determined to be not feasible
and discarded by the optimization.
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Two-winding transformer

The 3D drawing of the two-winding transformer considered in the op-
timization is given in Fig. 6.9(a) with heat sinks mounted for forced
convection cooling depicted in Fig. 6.9(b). An additional heat pipe
is inserted on the top and the bottom of the core for a sufficient heat
removal in the primary winding and in the covered core volume.

(b)

Secondary winding
Primary winding
Leakage layer
Heat pipe
Heat sink

(a)

ca
2
cb

2
cb

cb

cd

2
cb

2
cb

cc= 2wh

σl

Figure 6.9: 3D drawing of the two-winding transformer con-
sidered for the optimization and the module comparison with
the dimensions of the geometry labeled in (a) and the final
assembly shown in (b) including heat sinks.

The leakage inductance value Lσ is adjusted by the distance between
the primary and the secondary winding with a leakage layer in between.
The dimensioning is done at the maximum power point according to
(4.72) for the AC-DC DAB module (peak power of 7.36 kW) and at a
20 % phase shift for the DC-DC DAB converter in the two-stage module
(constant power of 3.68 kW). The value of the leakage inductance it-
self depending on the geometry is calculated with the magnetic energy
stored in the windings and the leakage layer as described by (5.98)-
(5.102) for a four-winding transformer.

The core losses are calculated by using the iGSE as given in Sec-
tion B.2.2, the Steinmetz parameters are obtained from the material
curves provided by the manufacturer [151]. With the reluctance model
depicted in Fig. 6.10, the flux in the core excited by the voltages vw1,
vw2 applied to the windings are given by

Φw1 =
1

Nw1

∫
vw1(t) dt, (6.30)
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Φw2 =
1

Nw2

∫
vw2(t) dt (6.31)

with Nw1, Nw2 being the primary and secondary number of turns. By
solving the magnetic circuit shown in Fig. 6.10, the flux in the reluc-
tances Rm1, Rm2, Rσ are determined to evaluate the associated core
losses applying the iGSE.

σR

m1Rm2R

w2Φ w1Φ

Figure 6.10: Reluctance model of the two-winding trans-
former (see Fig. 6.9) considered in the optimization process
for determining the core losses. The flux sources Φw1, Φw2

represent the fluxes in the core impressed by the square-wave
voltages vw1, vw2 applied to the windings.

The skin and proximity effect losses in the litz wire for each current
harmonic are calculated according to Section B.2.1 with a 1D magnetic
field approximation.

+
-

Primary winding CoreAmbient

aT ccP coP

Secondary winding

th,w2-aR th,w2R th,w2R σth,R th,w1R th,w1R th,hpR th,s-aR
sThpTw1Tw2T

Leakage
layer

w2P w1P

Figure 6.11: Thermal model of the two-winding transformer
(see Fig. 6.9) considered in the optimization process. Pw1 are
the primary and Pw2 the secondary winding losses, Pcc are the
core losses in the core volume covered by the primary winding
and Pco are the core losses in the core volume that is exposed
to the air and the heat sinks respectively.

In Fig. 6.11, the thermal model of the two-winding transformer
considered in the optimization process is depicted. Pw1 are the primary
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winding losses, Pw2 the secondary winding losses, Pcc the covered core
losses and Pco the core losses in the volume exposed to the heat sinks and
the air. The heat sources Pcc, Pco are given by (6.26)-(6.29) depending
on the total core losses Pc.

The thermal winding resistances Rth,w1, Rth,w2 are determined as
in the case of the inductor with (6.20) by inserting the radial and tan-
gential resistances as described in [170]. With the thickness dσ and the
mean circumference lσ of the leakage layer (see Fig. 6.9), its thermal
resistance can be calculated by

Rth,σ =
dσ

λσlσhw
(6.32)

with a thermal conductivity of λσ = 0.24 W/(K·m) assumed for the
leakage/isolation layer [170]. The heat pipe is made out of copper with
a high thermal conductivity of λCu = 401 W/(K·m) [170] with the ther-
mal resistance given by

Rth,hp =
1

4

hw+bc
2

λCubchhp
. (6.33)

The height of the heat pipe hhp is adjusted depending on the width of
the middle core leg of the E-core with

hhp =
bc
8
. (6.34)

Considering the assumption of forced convection cooling of the outer
winding with a heat transfer coefficient of αc = 40 W/(K·m2) [172],
the thermal transfer resistance between the secondary winding and the
ambient is given by

Rth,w2-a =
1

αcAw
(6.35)

where the relevant surface area for the cooling is described by (6.24).
For the heat sinks, a thermal transfer resistance of 0.4 K/W is taken
into account so that

Rth,s-a =
1

2
· 0.4 K/W. (6.36)

The evaluation of the thermal model shown in Fig. 6.11 leads to
the temperatures Tw1, Tw2, Thp, Ts. If these temperatures exceed the
limit of Tmax = 90 ◦C, the design point is determined to be not feasible
and discarded by the optimization.

182



6.2 MODELING OF POWER COMPONENTS

Four-winding transformer

The 3D drawing of the four-winding transformer considered in the op-
timization of the AC-DC multi-port converter module is depicted in
Fig. 6.12(a) with heat sinks mounted for forced convection cooling
depicted in Fig. 6.12(b). As in the case of the two-winding trans-
former, an additional heat pipe is inserted on the top and the bottom
of the core for each primary or AC-side winding in order to provide a
sufficient heat removal in the inner windings and in the covered core
volumes.

(b)

Secondary winding
Primary winding
Leakage layer
Heat pipe
Heat sink

(a)
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cb
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2
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cc= 2wh
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Figure 6.12: 3D drawing of the four-winding transformer
considered for the optimization and the module comparison
with the dimensions of the geometry labeled in (a) and the
final assembly shown in (b) including heat sinks.

The leakage inductance value Lσ is adjusted by the distance between
the primary windings and the secondary winding with a leakage layer
in between. Similar to the AC-DC DAB module, the dimensioning is
done at the maximum power point according to (5.96) (constant power
of 11.04 kW for the three-phase module). The value of the leakage
inductance depending on the geometry is calculated with the magnetic
energy stored in the windings and the leakage layer with (5.98)-(5.102).
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Again, the core losses are calculated by using the iGSE as summa-
rized in Section B.2.2, the Steinmetz parameters are obtained from the
material curves provided by the manufacturer [151]. With the reluc-
tance model depicted in Fig. 6.13, the flux in the core excited by the
voltages vw1,a, vw1,b, vw1,c, vw2 applied to the windings are given by

Φw1,a =
1

Nw1

∫
vw1,a(t) dt, (6.37)

Φw1,b =
1

Nw1

∫
vw1,b(t) dt, (6.38)

Φw1,c =
1

Nw1

∫
vw1,c(t) dt, (6.39)

Φw2 =
1

Nw2

∫
vw2(t) dt (6.40)

with Nw1, Nw2 being the primary and secondary number of turns. By
solving the magnetic circuit shown in Fig. 6.13, the flux in the reluc-
tances Rm1, Rm2, Rσ1, Rσ2 are determined to evaluate the associated
core losses applying the iGSE.

1σR2σR 1σR 2σR

m1R m1R m1R

m2R m2R m2R m2R m2R m2R m2R m2R

m2R m2R m2R m2R m2R m2R m2R m2R

2
m1R

2
m1R

w1,aΦ w1,bΦ w1,cΦ

2
w2Φ

2
w2Φ

Figure 6.13: Reluctance model of the four-winding trans-
former (see Fig. 6.12) considered in the optimization process
for determining the core losses. The flux sources Φw1,a, Φw1,b,
Φw1,c, Φw2 represent the fluxes in the core impressed by the
square-wave voltages vw1,a (phase a), vw1,b (phase b), vw1,c

(phase c), vw2 (DC side) applied to the windings.

Again, the skin and proximity effect losses in the litz wire for each
current harmonic are calculated according to Section B.2.1 with a 1D
magnetic field approximation.
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Figure 6.14: Thermal model of the four-winding transformer
(see Fig. 6.12) considered in the optimization process. 3Pw1

are the primary and Pw2 the secondary winding losses, Pcc

are the core losses in the core volume covered by the primary
windings and Pco are the core losses in the core volume that
is exposed to the air and the heat sinks respectively.

Fig. 6.14 shows the thermal model of the four-winding transformer
considered in the optimization process with the winding losses Pw1 per
primary winding, the secondary winding losses Pw2, the covered core
losses Pcc and the core losses Pco in the volume exposed to the heat
sinks and the air. The heat sources Pcc, Pco are given by (6.26)-(6.27)
depending on the total core losses Pc.

The thermal resistances of the windings Rth,w1, Rth,w2 are calculated
as in the case of the inductor with (6.20) by inserting the radial and
tangential resistances as presented in [170]. To account for the three pri-
mary windings, the total effective thermal resistance from temperature
Tw1 to temperature Thp is reduced to 1

3Rth,w1 as shown in Fig. 6.14.
The thermal resistances Rth,σ, Rth,hp can be calculated in the same
way as for the two-winding transformer by applying (6.32)-(6.34). For
the thermal resistance of the leakage layer, the heat flow between the
primary windings through the leakage layer is neglected as the contribu-
tion to the heat removal is rather low, so that the circumference lσ can
be approximated along the outer winding as depicted in Fig. 6.12(a).
The thermal transfer resistance from the secondary winding to the am-
bient Rth,w2-a is again given by (6.35) with a heat transfer coefficient
of αc = 40 W/(K·m2) [172] and the resistance from the heat sink to the
ambient Rth,s-a by (6.36).

With the calculation of the thermal model depicted in Fig. 6.14, the
temperatures Tw1, Tw2, Thp, Ts are determined. If these temperatures
exceed the limit of Tmax = 90 ◦C, the design point is marked to be not
feasible and discarded by the optimization.
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6.2.3 Capacitors

For the converter modules, ceramic capacitors are considered as they
allow to reach a high power density, can be used for AC and DC applica-
tions and exhibit a comparable low equivalent series resistance (ESR).
By paralleling ceramic capacitors, the medium- to high-frequency cur-
rents occurring in DAB based converter systems and the associated
power losses are distributed among the components what simplifies also
the heat removal.

The optimization applies reference capacitors from Syfer [156] with
a X7R dielectric considering a constant capacitance derating of 40 % as
a worst-case scenario. The considered components are

I the 250 V, 1 µF ceramic capacitor with a maximum power dissi-
pation of 350 mW for the AC-side capacitors,

I the 630 V, 1 µF ceramic capacitor with a maximum power dissi-
pation of 400 mW for the DC-side capacitors.

The lower limit for the number of paralleled capacitors is either
given by the maximum current and the induced power dissipation per
component or the target capacitance value that has to be reached. The
power losses in the capacitors are calculated according to Section B.3
with the ESR data available from the manufacturer [156].

6.3 Optimization procedure

With the models of the power components introduced, the multi-objec-
tive optimization of the single-stage AC-DC DAB module, the single-
stage AC-DC multi-port module and the conventional two-stage AC-DC
H-bridge module connected to a DC-DC DAB in terms of efficiency and
power density can be performed. The optimization procedures for the
three module types are depicted in Fig. 6.15, Fig. 6.16 and Fig. 6.17.

For a reasonable comparison of the converter modules, the maximum
chip area per converter power is limited to the same value. The opti-
mization applies a discrete number of semiconductor devices to account
for practical converter implementations. The number of paralleled semi-
conductor devices is varied by the optimization until the maximum chip
area is reached.
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Power components

Component parameters

Reference MOSFET
Core material
Litz wire selection
Reference capacitor

Module parameters

Transformer turns ratio n
Voltage and current ripples
vac,pp, vdc,pp, ib,pp, iBbi,pp

Operating point

AC voltage vb

DC voltage vBbi

Reference AC current ib

Generation of calculation points (fs,min, fs,max, ns,ac, ns,dc)

Switching frequency fs,min, fs,max

Paralleled semiconductor devices ns,ac, ns,dc

Iteration over calculation points (fs,min, fs,max, ns,ac, ns,dc)

Set minimal turn-off current for ZVS IZVS

Dimensioning of leakage inductance Lσ

Optimization of control variables gbi, wbi, Tsbi

Dimensioning of passive components

Filter inductors Lac, Ldc

Filter capacitors Cac, Cdc

Calculation of voltages and currents

Pareto front efficiency vs. power density

Calculation of semiconductor losses

Conduction and switching losses
Thermal model
Heat sink

Optimization of transformer

Winding and core losses
Thermal model
Heat sink

Optimization of inductors

Winding and core losses
Thermal model

Calculation of capacitor losses

Equivalent series resistance losses
Thermal limit

Figure 6.15: Flow chart of the optimization procedure for
the AC-DC DAB converter module depicted in Fig. 6.2.

For the single-stage AC-DC DAB module, the optimization proce-
dure changes the number of parallel devices at the AC and the DC side
ns,ac, ns,dc within the limit

4ns,ac + 4ns,dc ≤ 24. (6.41)
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Power components

Generation of calculation points (fs, ns,ac,hb, ns,ac,cl, ns,dc)

Switching frequency fs

Paralleled semiconductor devices ns,ac,hb, ns,ac,cl, ns,dc

Iteration over calculation points (fs, ns,ac,hb, ns,ac,cl, ns,dc)

Set minimal turn-off current for ZVS IZVS

Dimensioning of leakage inductance Lσ

Dimensioning of passive components

Filter inductors Lac, Ldc

Filter capacitors Cac, Cdc

Calculation of voltages and currents

Pareto front efficiency vs. power density

Calculation of semiconductor losses

Conduction and switching losses
Thermal model
Heat sink

Optimization of transformer

Winding and core losses
Thermal model
Heat sink

Optimization of inductors

Winding and core losses
Thermal model

Calculation of capacitor losses

Equivalent series resistance losses
Thermal limit

Operating point

AC voltages va, vb, vc

DC voltage vBi

Reference AC currents ia, ib, ic

Module parameters

Transformer turns ratio n
Voltage and current ripples
vac,pp, vdc,pp, ia,pp, ib,pp, ic,pp, iBi,pp

Component parameters

Reference MOSFET
Core material
Litz wire selection
Reference capacitor

Optimization of control variables δai, δbi, δci, δBi, φai, φbi, φci, φBi

Figure 6.16: Flow chart of the optimization procedure for
the AC-DC multi-port converter module depicted in Fig. 6.4.

The T-type blocks at the AC side of the AC-DC multi-port module
are split into the half-bridge with parallel devices ns,ac,hb and the clamp-
ing switch with parallel devices ns,ac,cl. With ns,dc being the number
of paralleled devices at the DC side, the optimization is executed then
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within the limit

12ns,ac,hb + 6ns,ac,cl + 4ns,dc ≤ 72. (6.42)

Power components

Component parameters

Reference IGBT, MOSFET
Core material
Litz wire selection
Reference capacitor

Module parameters

Transformer turns ratio n
Voltage and current ripples
vdc1,pp, vdc2,pp, ib,pp, iBbi,pp

Operating point

AC voltage vb

DC voltage vBbi

Reference AC current ib

Generation of calculation points (fs, ns,ac, ns,dc1, ns,dc2)

Switching frequency fs

Paralleled semiconductor devices ns,ac, ns,dc1, ns,dc2

Set minimal turn-off current for ZVS IZVS

Dimensioning of passive components

Filter inductors Ldc

Filter capacitors Cdc1, Cdc2

Calculation of voltages and currents

Pareto front efficiency vs. power density

Calculation of semiconductor losses

Conduction and switching losses
Thermal model
Heat sink

Optimization of transformer

Winding and core losses
Thermal model
Heat sink

Optimization of inductors

Winding and core losses
Thermal model

Calculation of capacitor losses

Equivalent series resistance losses
Thermal limit

Iteration over calculation points (fs, ns,ac, ns,dc1, ns,dc2)

Dimensioning of boost and leakage inductance Lac, Lσ

Calculation of control variables spwm, δdc1, δdc2, φdc1, φdc2

Figure 6.17: Flow chart of the optimization procedure for
the AC-DC H-bridge converter module connected to a DC-DC
DAB converter depicted in Fig. 6.3.
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In case of the two-stage AC-DC H-bridge module connected to a
DC-DC DAB, the number of paralleled devices in the H-bridge ns,ac as
well as the number of paralleled devices at the primary and secondary
side of the DC-DC DAB ns,dc1, ns,dc2 are varied within the limit

4ns,ac + 4ns,dc1 + 4ns,dc2 ≤ 24. (6.43)

The maximum total number of semiconductor devices per converter
power is then equal for all three types of converter modules. The three-
phase module exhibits a converter power with a factor of 3 higher than
the single-phase modules, so that the maximum number of semiconduc-
tor devices is given by 3 · 24 = 72. With the stated limits above, no
more than 3-4 devices are paralleled which is in a reasonable range from
the hardware implementation effort and cost point of view.

Besides the number of paralleled semiconductor devices, the opti-
mization procedure considers the switching frequency

I fs,min ∈ [20 kHz, 60 kHz] and fs,max = fs,min + 100 kHz for the
AC-DC DAB module,

I fs ∈ [20 kHz, 100 kHz] for the AC-DC multi-port module,

I fs ∈ [20 kHz, 100 kHz] for the AC-DC H-bridge module and the
connected DC-DC DAB.

The lower limit of 20 kHz limits the volume of the passive components
to a maximum which leads to a restricted power density. Furthermore,
it is commonly referred as the upper limit of the hearing range of a
human. With an increasing switching frequency, the maximum possible
efficiency drops until the limit of 100 kHz and 160 kHz respectively is
reached.

At the beginning of the optimization procedures shown in Fig. 6.15,
Fig. 6.16 and Fig. 6.17, the module parameters, the parameters of
the power components and the operating point in terms of the AC and
the DC voltage as well as the reference AC current are set in order to
generate the calculation points depending on the switching frequency
and the number of paralleled semiconductor devices.

The optimization iterates over the discrete set of calculation points
to evaluate several converter module designs with respect to the power
losses and the volume. Before determining the control variables of the
modulation, the minimal turn-off current required for ZVS IZVS as
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a function of the number of paralleled semiconductor devices for the
AC-DC DAB module, the AC-DC multi-port module and the DC-DC
DAB converter in the two-stage module is set which has a direct influ-
ence on the control variables optimization/calculation (see Fig. 6.15,
Fig. 6.16 and Fig. 6.17). Moreover, the dependency of the control
variables on the transformer leakage inductance Lσ as well as on the
boost inductance Lac in the H-bridge module requires the dimensioning
routine of Lσ and/or Lac to be executed before. The control variables
to be determined afterwards are

I gbi, wbi, Tsbi for the ZVS modulation with variable switching
frequency of the AC-DC DAB module,

I δai, δbi, δci, δBi, φai, φbi, φci, φBi for the ZVS modulation of the
AC-DC multi-port module,

I spwm for the three-level carrier based PWM of the H-bridge mod-
ule and δdc1, δdc2, φdc1, φdc2 for the connected DC-DC DAB con-
verter in the two-stage module.

spwm represents the time-dependent switching state of the H-bridge for
the three-level PWM with the possible switching states {00, 01, 10, 11}.

With the control variables fixed, the passive filter components Lac,
Ldc, Cac, Cdc for the AC-DC DAB module and the AC-DC multi-port
module and the components Ldc, Cdc1, Cdc2 for the two-stage mod-
ule can be dimensioned to fulfill the ripple specifications introduced
in Tab. 6.1. Then, the characteristic voltage and current waveforms
are calculated and fed into the power component routines where the
losses and the volume are evaluated. Besides the calculation of the
semiconductor losses and the capacitor losses, for the inductors and
the transformer, inner optimization routines are executed to deter-
mine the Pareto optimal design points of the inductive components
(see Fig. 6.15, Fig. 6.16 and Fig. 6.17).

If the routine identifies a converter design point to be not feasible
because of thermal limitations of a component or the component itself
being not feasible within the given boundaries (e.g. inductance value,
core cross section, geometry, number of turns restrictions) the current
iteration is aborted and the optimization moves to the next calculation
point. At the end of the iteration, the most promising designs with the
lowest power losses at a given volume are identified to draw the Pareto
front in terms of efficiency vs. power density.
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6.3.1 Inductor optimization

For each inductor existing in the converter module, the optimization
procedure executes the inner optimization routine depicted in Fig. 6.18
in order to determine the Pareto optimal design points for the compo-
nent.
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Litz wire selection
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Iteration over strand diameter ds
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Check winding and core temperatures Tmax
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Figure 6.18: Flow chart of the inner optimization procedure
for an inductor depicted in Fig. 6.6 in a converter module.
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Pareto front efficiency vs. power density
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Iteration over primary number of turns Nw1

Transformer parameters

Leakage inductance value Lσ
Transformer voltages vw1, vw2

Core material
Litz wire selection

Figure 6.19: Flow chart of the inner optimization procedure
for a two- or a four-winding transformer depicted in Fig. 6.9
and Fig. 6.12 in a converter module.

First, the inductor parameters are passed from the top-level calcu-
lation routine before the iterations over the geometry dimensions, the
number of turns, the strand diameter and the number of strands starts.
The check points, where the calculation can be terminated prematurely
and the design point is discarded, are marked by the light gray shaded
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boxes shown in Fig. 6.18 and are the check of the maximum flux den-
sity in the core Bmax, the check that the required inductance value L is
reached by the design, the check of the maximum current density per
strand Jmax, the check if the winding layers fit into the core window
and the final check if the maximum temperature Tmax is exceeded. The
core calculations executed for assessing the performance of the induc-
tor design point determine the core and winding losses and finally the
resulting temperatures.

6.3.2 Transformer optimization

Also for the transformer in the converter module, an inner optimization
routine is called which is depicted in Fig. 6.19. Similar to the induc-
tor optimization, the geometry parameters are varied in the respective
ranges as well as the number of primary turns and the litz wire selec-
tion adjusted for each design point. At the check points marked by the
light gray shaded boxes, the current design point is discarded if it is
determined to be not feasible.

6.4 Optimization results

In the following, the results obtained by running the optimizations de-
scribed above and depicted in Fig. 6.15, Fig. 6.16 and Fig. 6.17 ap-
plying the power component models presented in Section 6.2 for the
single-stage AC-DC DAB module, the single-stage AC-DC multi-port
module and the two-stage AC-DC H-bridge module connected to a DC-
DC DAB converter are discussed.

The overall module Pareto front in terms of losses vs. volume and
efficiency vs. power density is evaluated by identifying the module
design points with the lowest losses for a given volume for each of the
converter modules. Moreover, the Pareto limits resulting at different
switching frequencies and different number of paralleled semiconductor
devices are presented.

In a final step, the three investigated module types are compared
with respect to the reachable efficiency and power density applying
the models of the power components given in Section 6.2 for different
switching frequencies.
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6.4.1 AC-DC dual active bridge module

From the optimization procedure presented in Fig. 6.15 for the AC-
DC DAB module, the Pareto front in terms of losses vs. volume and
efficiency vs. power density shown in Fig. 6.20 results. The gray dots
represent the Pareto optimal design points which are obtained within
one iteration over the calculation points (see Fig. 6.15). At a power
density of 1 kW/L an efficiency of 97.0 % and at a power density of
2 kW/L an efficiency of 96.8 % is reached.
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Figure 6.20: Pareto front in terms of losses vs. volume and
efficiency vs. power density for the single-stage AC-DC DAB
converter module depicted in Fig. 6.2. The optimization pro-
cedure to obtain the Pareto limits is given in Fig. 6.15.

Evaluating the Pareto limits at different minimal switching frequen-
cies fs,min (for the ZVS modulation with variable switching frequency
fs,max is limited as discussed above in Section 6.3) Fig. 6.21 is ob-
tained. With a minimal switching frequency of 20 kHz, a module effi-
ciency of up to 97.1 % can be achieved. The power density is limited
there around 2 kW/L. Increasing the switching frequency shifts the
Pareto curves to lower reachable efficiencies due to the rising switching
losses of the semiconductor devices and the rising high-frequency losses
in the transformer. Nevertheless, designs with a higher power density
are possible as long as the thermal limits can be met.
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Figure 6.21: Pareto front in terms of efficiency vs. power
density for the single-stage AC-DC DAB converter module
depicted in Fig. 6.2 for various switching frequencies fs,min.
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Figure 6.22: Pareto front in terms of efficiency vs. power
density for the single-stage AC-DC DAB converter module
depicted in Fig. 6.2 for different combinations of paralleled
semiconductor devices ns,ac, ns,dc.

The highest efficiency is obtained for paralleling three MOSFETs
at the AC side as well as at the DC side concluded from Fig. 6.22
where the Pareto curves for different combinations of the number of
paralleled semiconductor devices are shown. It can be seen that the
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additional paralleling at the DC side from 1/1 to 1/2 results in a higher
efficiency gain than the additional paralleling at the AC side from 1/1
to 2/1. Furthermore, paralleling semiconductor devices results in lower
losses up to a certain limit, so that a greater thermal resistance from
heat sink to ambient is allowable what in turn reduces the required heat
sink volume and the power density is increased.

6.4.2 AC-DC multi-port module

For the AC-DC multi-port module, the optimization procedure depicted
in Fig. 6.16 leads to the Pareto front given in Fig. 6.23. Again, the
gray dots represent the Pareto optimal design points which are obtained
within one iteration over the calculation points (see Fig. 6.16). At a
power density of 1 kW/L an efficiency of 93.7 %, at a power density
of 2 kW/L an efficiency of 93.6 % and at a power density of 3 kW/L
an efficiency of 93.4 % can be achieved. The Pareto curve is quite flat
in terms of an approximately constant efficiency over a wide power
density range which shows that the construction size of the four-winding
transformer can be reduced without a significant increase of the losses
until the thermal limit is reached.
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Figure 6.23: Pareto front in terms of losses vs. volume and
efficiency vs. power density for the single-stage AC-DC multi-
port converter module depicted in Fig. 6.4. The optimization
procedure to obtain the Pareto limits is given in Fig. 6.16.
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Figure 6.24: Pareto front in terms of efficiency vs. power
density for the single-stage AC-DC multi-port converter mod-
ule depicted in Fig. 6.4 for various switching frequencies fs.
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Figure 6.25: Pareto front in terms of efficiency vs. power
density for the single-stage AC-DC multi-port converter mod-
ule depicted in Fig. 6.4 for different combinations of paral-
leled semiconductor devices ns,ac,hb, ns,ac,cl, ns,dc.

In Fig. 6.24, the Pareto limits at different switching frequencies fs

are depicted. With a switching frequency of 20 kHz, a module efficiency
of up to 93.7 % can be achieved. The power density is limited there
around 2.5 kW/L. Increasing the switching frequency shifts the Pareto
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curves to lower reachable efficiencies due to the rising switching losses
of the semiconductor devices and the rising high-frequency losses in the
transformer. At around 40 kHz, the maximum power density that can
be achieved is reached. With a further rise of the switching frequency,
the power density decreases again as the thermal restrictions can only
be met by a corresponding heat sink size for the semiconductor devices
and an enlarged transformer volume.

By paralleling three MOSFETs in the half-bridge and four MOS-
FETs in the clamping switch of the AC-side T-type blocks as well as
three MOSFETs in the H-bridge at the DC side, the highest efficiency
is reached concluded from Fig. 6.25 where the Pareto curves for dif-
ferent combinations of the number of paralleled semiconductor devices
are shown. It can be seen that the additional paralleling in the half-
bridge at the AC side from 2/2/2 to 3/2/2, in the clamping switch at
the AC side from 2/2/2 to 2/3/2 or in the H-bridge at the DC side from
2/2/2 to 2/2/3 results in a similar efficiency gain. Moreover, paralleling
semiconductor devices results in lower losses up to a certain limit, so
that the required heat sink volume is reduced and the power density
increased.

6.4.3 AC-DC H-bridge module with DC-DC dual
active bridge

In case of the conventional two-stage converter optimized with the rou-
tine described in Fig. 6.17, the performance of the AC-DC H-bridge
module and the connected DC-DC DAB converter are evaluated sepa-
rately first. In a second step, the Pareto limits for the cascaded two-
stage module are presented.

AC-DC H-bridge module

For the AC-DC H-bridge module, Fig. 6.26 shows the Pareto front in
terms of losses vs. volume and efficiency vs. power density. The gray
dots represent the Pareto optimal design points which are obtained
within one iteration over the calculation points (see Fig. 6.17). At a
power density of 1 kW/L an efficiency of 98.4 %, at a power density of
2 kW/L an efficiency of 98.2 % and at a power density of 3 kW/L an
efficiency of 97.9 % can be achieved.
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Figure 6.26: Pareto front in terms of losses vs. volume and
efficiency vs. power density for the AC-DC H-bridge stage
of the two-stage converter module depicted in Fig. 6.3. The
optimization procedure to obtain the Pareto limits is given in
Fig. 6.17.
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Figure 6.27: Pareto front in terms of efficiency vs. power
density for the AC-DC H-bridge stage of the two-stage con-
verter module depicted in Fig. 6.3 for various switching fre-
quencies fs.

Evaluating the Pareto limits at different switching frequencies fs,
Fig. 6.27 is obtained. With a switching frequency of 20 kHz, a mod-
ule efficiency of up to 98.6 % can be achieved. The power density is
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limited there around 1 kW/L which is rather low since with the given
AC current ripple specification (see Tab. 6.1) high boost inductance
values are necessary which result in a relatively large construction size
for an AC current of 16 A. Increasing the switching frequency shifts the
Pareto curves to lower reachable efficiencies due to the rising switching
losses of the IGBTs and substantially increases the power density as
the required boost inductance value drops.

DC-DC dual active bridge

In case of the DC-DC DAB converter, Fig. 6.28 depicts the Pareto
front in terms of losses vs. volume and efficiency vs. power den-
sity. Again, the gray dots represent the Pareto optimal design points
which are obtained within one iteration over the calculation points (see
Fig. 6.17). At a power density of 5 kW/L an efficiency of 99.4 %, at a
power density of 10 kW/L an efficiency of 99.3 % and at a power density
of 15 kW/L an efficiency of 99.1 % can be achieved.
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Figure 6.28: Pareto front in terms of losses vs. volume
and efficiency vs. power density for the DC-DC DAB stage
of the two-stage converter module depicted in Fig. 6.3. The
optimization procedure to obtain the Pareto limits is given in
Fig. 6.17.

Such a high power density for a DAB converter is only achievable for
a rather low leakage inductance value of the transformer in combination
with the operation by the standard phase shift modulation scheme and
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a transformer turns ratio near unity. Nevertheless, with the 20 % phase
shift limit for the maximum power transfer as discussed above, the
power operating range of the DAB is quite limited.
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Figure 6.29: Pareto front in terms of efficiency vs. power
density for the DC-DC DAB stage of the two-stage converter
module depicted in Fig. 6.3 for various switching frequencies
fs.

Fig. 6.29 shows the Pareto curves obtained for different switching
frequencies fs. With a switching frequency of 20 kHz, a converter effi-
ciency of up to 99.5 % can be achieved. The power density is limited
there around 7.3 kW/L. Increasing the switching frequency shifts the
Pareto curves to lower reachable efficiencies due to the rising switching
losses of the semiconductor devices and the rising high-frequency losses
in the transformer. Between 50 kHz and 70 kHz the maximum power
density that can be achieved is reached. With a further rise of the
switching frequency, the power density decreases again as the thermal
restrictions can only be met by a corresponding heat sink size for the
semiconductor devices and an enlarged transformer volume.

Two-stage AC-DC module

After the investigation of the single converter stages of the conven-
tional two-stage AC-DC module, Fig. 6.30 combines the Pareto limits
to assess the performance of the two-stage AC-DC H-bridge module
connected to a DC-DC DAB converter.
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Figure 6.30: Pareto front in terms of losses vs. volume
and efficiency vs. power density for the two-stage converter
module with an AC-DC H-bridge module connected to a DC-
DC DAB converter depicted in Fig. 6.3. The optimization
procedure to obtain the Pareto limits is given in Fig. 6.17.
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Figure 6.31: Pareto front in terms of efficiency vs. power
density for the two-stage converter module with an AC-DC H-
bridge module connected to a DC-DC DAB converter depicted
in Fig. 6.3 for various switching frequencies fs.

As in the previous graphs, the gray dots represent the Pareto op-
timal design points which are obtained within one iteration over the
calculation points (see Fig. 6.17). The two-stage converter module
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achieves an efficiency of 97.8 % at a power density of 1 kW/L, an ef-
ficiency of 97.3 % at a power density of 2 kW/L and an efficiency of
96.7 % at a power density of 3 kW/L.

By evaluating the Pareto limits at different switching frequencies fs,
Fig. 6.31 is obtained. With a switching frequency of 20 kHz, a module
efficiency of up to 98.1 % can be achieved. The power density is limited
there around 0.9 kW/L. Increasing the switching frequency shifts the
Pareto curves to lower reachable efficiencies due to the rising switching
losses of the semiconductor devices and the rising high-frequency losses
in the transformer. Nevertheless, designs with a higher power density
are possible as long as the thermal limits can be met.
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Figure 6.32: Pareto front in terms of efficiency vs. power
density for the two-stage converter module with an AC-DC H-
bridge module connected to a DC-DC DAB converter depicted
in Fig. 6.3 for different combinations of paralleled semicon-
ductor devices ns,ac, ns,dc1, ns,dc2.

The highest efficiency is obtained for paralleling two IGBTs in the
AC-DC H-bridge stage and two MOSFETs in the DC-DC DAB con-
verter both at the primary and the secondary side concluded from
Fig. 6.32 where the Pareto curves for different combinations of the
number of paralleled semiconductor devices are shown. It can be seen
that the additional paralleling in the DC-DC DAB converter from 1/1/1
to 1/1/2 or 1/2/1 is less effective in terms of an efficiency gain com-
pared to the additional paralleling in the H-bridge stage from 1/1/1 to
2/1/1. Furthermore, although paralleling semiconductor devices results
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in lower losses up to a certain limit, the reachable power density cannot
be substantially increased for the considered combinations of number
of paralleled switches.

6.5 Comparison of converter modules

For the final comparison of the proposed single-stage converter modules
covering the AC-DC DAB module and the AC-DC multi-port module
to the conventional two-stage AC-DC H-bridge module connected to
a DC-DC DAB converter, the module Pareto limits by applying the
power component models from Section 6.2 are presented together in
Fig. 6.33 for a switching frequency of 20 kHz and in Fig. 6.34 for a
switching frequency of 50 kHz.
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Figure 6.33: Pareto front in terms of efficiency vs. power
density for the single-stage AC-DC DAB module, the single-
stage AC-DC multi-port module and the two-stage AC-DC
H-bridge module connected to a DC-DC DAB converter at a
switching frequency of fs = fs,min = 20 kHz for comparison.

In both cases, the highest efficiency can be achieved by using the
conventional two-stage module, namely an efficiency of 98.1 % at 20 kHz
and 97.7 % at 50 kHz respectively. The power density is quite limited
due to the strict AC current ripple specification at around 1 kW/L for
20 kHz and 2.5 kW/L for 50 kHz.
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Figure 6.34: Pareto front in terms of efficiency vs. power
density for the single-stage AC-DC DAB module, the single-
stage AC-DC multi-port module and the two-stage AC-DC
H-bridge module connected to a DC-DC DAB converter at a
switching frequency of fs = fs,min = 50 kHz for comparison.

The AC-DC DAB module achieves slightly lower efficiencies with its
maximum being at 97.2 % for 20 kHz and 96.2 % for 50 kHz. Compared
to the two-stage module, the power density can be increased up to
2.1 kW/L for 20 kHz and 3.2 kW/L for 50 kHz.

The complex concept of the AC-DC multi-port module exhibits sub-
stantially lower possible efficiencies at 93.7 % for a 20 kHz and 91.6 % for
a 50 kHz operation. Nevertheless, the power density can be increased
to 2.6 kW/L for 20 kHz and 3.6 kW/L for 50 kHz.

On the basis of the outcome of the multi-objective optimization of
the three different converter modules, it is concluded, that the inte-
gration of the galvanic isolation on module level for a phase-modular
single-stage AC-DC converter system leads to a reasonable performance
in terms of efficiency and power density compared to a conventional two-
stage approach. This is especially given for the investigated single-phase
converter module. In case of the AC-DC multi-port module, the real-
ization of the galvanic isolation through a complex magnetic coupling
of the AC and the DC ports results in substantially lower reachable
efficiencies originating from the high circulating currents which lead to
high semiconductor and transformer losses.
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6.6 Summary and conclusion

In this chapter, the multi-objective optimization and the final com-
parison of the two proposed bidirectional isolated AC-DC converter
systems for battery energy storage systems are presented. On module
level the single-stage AC-DC DAB module and the single-stage AC-DC
multi-port module are compared to the conventional two-stage AC-DC
H-bridge module connected to a DC-DC DAB for the use in a CHB
converter with respect to efficiency and power density.

The converter module optimizations are carried out at a fixed oper-
ating point in terms of a 230 V, 50 Hz AC mains connection, a constant
battery and/or DC link voltage of 400 V and a reference AC phase cur-
rent of 16 A. At the input and output terminals of the modules, the
same maximum voltage and current ripple specifications are assumed.
The implemented optimization uses discrete semiconductor devices with
the total number of devices per converter power limited to a maximum
for a reasonable comparison of the single-phase and the three-phase
converter modules.

In order to evaluate the losses and the volume of the power com-
ponents, comprehensive models in the electric, magnetic and thermal
domain are introduced as these are an important prerequisite for the
optimization.

The semiconductor model uses a discrete reference MOSFET for the
operation under ZVS conditions in the single-stage converter modules
and a discrete reference IGBT operated under hard-switching conditions
for the H-bridge in the two-stage converter module. The heat sink
volume is determined by the calculation of the thermal sink-to-ambient
resistance in combination with an assumed CSPI of 15 W/(K·dm3).

In case of the inductive components like the filter inductors as well
as the two- and four-winding transformer, the model uses E-cores where
the geometry dimensions are varied by the optimization. For the induc-
tors, powder cores with the Kool Mu 26u material and for the trans-
formers, the nanocrystalline VITROPERM 500F material is considered.
The windings are realized by litz wires with a discrete selection of the
strand diameters and the number of strands fed into the optimization.
In the thermal model, free convection cooling for the inductors and
forced convection cooling for the transformers using heat pipes on the
top and the bottom of the core connected to an outer heat sink for a
sufficient heat removal is assumed.
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In order to reach a high power density, ceramic capacitors are ap-
plied with two reference components for different voltages (the capaci-
tors in the AC-side series connection have a lower voltage rating than
the DC-side capacitors). The thermal model checks the power dissi-
pation of a single component and increases the number of paralleled
capacitors as soon as the maximum current is exceeded.

The optimization procedure is implemented based on an iteration
over a discrete set of calculation points within the same or compara-
ble boundaries for all three types of converter modules. If the routine
identifies a converter design point to be not feasible because of thermal
limitations of a component or the component itself being not feasible
within the given boundaries, the current iteration is aborted and the
optimization moves to the next calculation point. At the end of the
iteration, the most promising designs with the lowest power losses at
a given volume are identified to draw the Pareto front in terms of effi-
ciency vs. power density.

From the obtained optimization results, the efficiencies achieved at a
power density of 2.5 kW/L are for the single-stage AC-DC DAB module
96.6 %, for the single-stage AC-DC multi-port module 93.5 % and for
the two-stage AC-DC H-bridge module connected to a DC-DC DAB
97.1 %.

For a phase-modular single-stage AC-DC converter system, the in-
tegration of the galvanic isolation on module level leads to a reasonable
performance in terms of efficiency and power density compared to a
conventional two-stage approach. This can be seen for the investigated
single-phase converter module. Nevertheless, in case of the AC-DC
multi-port module, high circulating currents exist given through the
complex magnetic coupling of the AC and the DC ports leading to high
semiconductor and transformer losses, so that only substantially lower
efficiencies are achievable.
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Conclusion and Outlook

This thesis focuses on the integration of the galvanic isolation on mod-
ule level for phase-modular AC-DC converter topologies connected to a
medium voltage (MV) AC grid. For an ultra-fast charging station for
electric vehicles (EVs) with an integrated battery energy storage sys-
tem, mainly two new converter concepts for the AC-DC grid interface
are introduced and thoroughly investigated. These are the cascaded
AC-DC dual active bridge (DAB) converter as well as the cascaded AC-
DC multi-port converter with a three-phase AC port and a DC port.
By implementing a multi-objective optimization, the performance of the
proposed converter systems with respect to efficiency and power den-
sity is evaluated and compared to the conventional two-stage approach
using AC-DC H-bridge modules connected to DC-DC DAB converters.

7.1 Summary and conclusion

The cascaded AC-DC DAB converter for battery energy storage sys-
tems is developed based on a state-of-the-art cascaded H-bridge (CHB)
converter and integrates module-level galvanic isolation using series-
connected single-stage bidirectional isolated AC-DC converter modules.
The modules discussed are AC-DC DAB topologies, since they allow a
high power density design and the operation in a power range of several
kW.
Based on the degrees of freedom in control and a qualitative comparison
of the semiconductor losses, the topology with an AC-side half-bridge
and a DC-side full-bridge is identified as the most suitable topology
since the hardware control effort as well as the system costs can be sig-

209



7 CONCLUSION AND OUTLOOK

nificantly reduced compared to a standard full-bridge/full-bridge DAB.
Besides the commonly used control variables of the phase shift and the
clamping intervals for a DAB, the switching frequency is considered for
control as an additional degree of freedom available for optimizing the
transformer peak and/or RMS currents. Considering the semiconductor
losses, the AC-side half-bridge is comparable to an AC-side full-bridge
assuming full-block voltage operation without clamping. At the DC
side, for the same degrees of freedom in control, the use of a full-bridge
is more beneficial than using a T-type circuit since commonly the clamp-
ing interval is minimized in order to reduce the circulating current and
therefore the reactive power.
The overall cascaded AC-DC DAB converter is modeled by the series
connection of the grid-side equivalent circuits of the AC-DC DAB mod-
ules per phase leg with their capacitive voltage ports consisting of two
filter capacitors and a controlled current source in parallel. Adjusting
the power transfer of a DAB module, the current source is controlled
in order to regulate the AC-side module voltage and therefore the grid
current. By controlling the module voltage, also the power distribution
among the modules is set since all modules in a phase string are con-
nected in series and exhibit the same module current.
On module level, two different modulation schemes are developed. One
which allows ZCS at the grid side with IGBTs and ZVS at the battery
side with MOSFETs presuming a constant switching frequency and an-
other one which allows ZVS on both sides with MOSFETs considering
also the variation of the switching frequency. To derive the power flow
equations including their borders for the minimum and the maximum
power transfer, a mathematical analysis of the transformer leakage in-
ductance current by using piecewise linear equations is conducted. In
case of the ZVS modulation with variable switching frequency, a nu-
merical optimization scheme is developed for determining the optimal
control variables in order to minimize the transformer leakage induc-
tance peak currents.
For controlling the cascaded AC-DC DAB converter with an integrated
battery energy storage system, the top-level as well as the module-level
control is introduced. The objectives of the top-level control are obtain-
ing the grid and phase angles by means of phase-locked loops (PLLs),
controlling the grid current in the dq-frame and balancing the average
state of charge (SOC) values of the storage batteries over the three
phases. On the module level, the SOCs of the batteries in one phase
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are balanced and the grid-side module voltages are controlled.
For validating the theoretical aspects of the new ZVS modulation in-
cluding switching frequency variation, an AC-DC DAB module is de-
signed and a 3.3 kW hardware prototype built. The developed modula-
tion and control scheme is implemented in VHDL on an FPGA device.
The measurements at the hardware prototype prove the concept and
the practical feasibility of the modulation and conform to the developed
mathematical models. Moreover, the analysis of the harmonics of the
AC module current shows full compliance with the IEC 61000-3-2 class
A standard. The measured efficiency of the prototype at 1.7 kW output
power is 95 % whereas the reached power density is around 2.5 kW/L.
The simulation of a 45 kW cascaded AC-DC DAB converter with an
integrated battery energy storage system connected to a 2.4 kV AC
grid finally validates the aspects of the developed control structure on
system and module level. Within the simulation model, three AC-DC
DAB modules per phase leg with an input voltage of 460 V ± 30 % and
a nominal output power of 5 kW are considered. Each module is con-
nected to a storage battery pack modeled as a constant voltage source
of 350 V. The simulation curves verify the effectiveness of the discussed
control methods to balance the SOCs between the phase legs as well as
between the single batteries in a phase leg while maintaining sinusoidal
grid currents in phase with the grid voltages (PFC operation).

The cascaded AC-DC multi-port converter for battery energy stor-
age systems is derived from state-of-the-art DC-DC multi-port con-
verters to integrate module-level galvanic isolation and to provide bidi-
rectional power flow capability. For the three different phases, each
converter module connects three AC ports to one DC port to attach a
storage battery pack. To distribute the AC phase voltage among the
converter modules, the AC ports belonging to the same phase are con-
nected in series.
With the developed module topology, the AC-side winding voltages are
summed up by applying either three two-winding transformers with
the DC-side windings electrically connected in series or a four-winding
transformer with the AC-side windings magnetically connected in par-
allel. This leads to a three-phase AC port formed by the series connec-
tion of the AC ports belonging to the three different phases, so that an
approximately constant sum of the half-cycle voltage-second products
applied to the AC-side windings becomes available for control. Since
the series connection of the AC port windings lead to clamping in-
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tervals varying in a wide range depending on the instantaneous phase
current/power, the use of T-type blocks at the AC side is advanta-
geous as the conduction losses caused by the circulating current flowing
through all ports (three AC and one DC port) can be reduced with the
use of semiconductor devices rated for a lower blocking voltage in the
clamping switch (lower on-state resistance) compared to the devices in
the half-bridge.
The overall cascaded AC-DC multi-port converter is modeled by the se-
ries connection of the grid-side equivalent circuits of the AC-DC multi-
port modules per phase leg with their three capacitive AC voltage ports
consisting of two filter capacitors and a controlled current source in par-
allel. In order to regulate the AC port module voltages and therefore
the grid current, the power transfer at an AC port of the multi-port
module is adjusted in terms of controlling the current source. The
power distribution among the AC ports in the same phase is set by
controlling the AC port module voltages since all AC ports in a phase
string are connected in series and exhibit the same module current.
The mathematical analysis of the power flows in a multi-port converter
system depending on the control variables is an essential prerequisite for
the design process of the hardware as well as the control. With the well-
known approach using piecewise linear equations for the transformer
leakage inductance current, several mathematical cases depending on
the phase shifts and the clamping intervals have to be distinguished.
Due to the mathematical complexity, especially for high port numbers,
a new modeling approach is developed by using basic superposition
principles to find general analytical formulas for the power flows. With
this approach, there is no need for a mathematical distinction of cases.
On module level, two different modulation schemes are developed. One
is based on a simple fundamental wave model of the medium-frequency
(MF) square-wave voltages applied to the transformer windings where
higher order harmonics are neglected. An analytical calculation scheme
is established for determining the control variables in terms of phase
shifts and clamping intervals. The main drawbacks induced are the
low-frequency (LF) harmonic phase current distortions as well as the
lack of soft-switching conditions at every switching instant since the
transformer leakage inductance current is not actively shaped. To over-
come these drawbacks, another modulation scheme based on the intro-
duced general power flow equations considering also ZVS conditions is
developed. The control variables are first determined numerically by
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implementing an optimization for minimizing the transformer leakage
inductance RMS current under ZVS constraints. The results obtained
numerically show a structure that can be also modeled by analytic equa-
tions which is presented in a second step.
For evaluating the theoretical efficiencies, a design example of a 10 kW
AC-DC multi-port module is presented with the components and losses
described by state-of-the-art models. The design example predicts a
peak efficiency of around 91.7 % at an output power of 10 kW and a bat-
tery voltage of 380 V. The estimated power density is around 2.5 kW/L.
The conduction losses caused by the circulating current originating from
the series connection of all ports given through the module topology
substantially decrease the achievable efficiency. In general, a relatively
large chip area is required at the AC side (the design example uses three
MOSFET devices in parallel).
For validating the theoretical aspects of the developed modulations, the
AC-DC multi-port module is simulated with the modulation schemes
implemented as part of the simulation model. The obtained simulation
curves conform to the developed mathematical models for the modula-
tion schemes and show the feasibility of their implementation by using
lookup tables (LUTs) precalculated offline. For the fundamental phasor
modulation, the LF harmonic distortions of the AC phase currents can
be clearly seen whereas in case of the ZVS modulation the harmonic
distortion of the AC current waveforms is substantially decreased.

For the evaluation of the performance of the proposed converter
systems with respect to efficiency and power density, a multi-objective
optimization for the single-stage AC-DC DAB module, the single-stage
AC-DC multi-port module and the conventional two-stage AC-DC H-
bridge module connected to a DC-DC DAB for the use in a CHB con-
verter is implemented. For the optimizations, the converter modules
are operated at a fixed 230 V, 50 Hz AC mains voltage, a constant bat-
tery and/or DC link voltage of 400 V and a reference AC phase current
of 16 A. At the input and output terminals of the modules, the same
maximum voltage and current ripple specifications are assumed. To
ensure a reasonable comparison of the single-phase and the three-phase
converter modules, the total number of semiconductor devices per con-
verter power is limited to a maximum.
As an important prerequisite for the optimization, comprehensive mod-
els of the power components in the electric, magnetic and thermal do-
main are developed in order to determine the losses and the volume.
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For the operation under ZVS conditions in case of the single-stage con-
verter modules, a discrete reference MOSFET is considered whereas for
the operation under hard-switching conditions in case of the H-bridge in
the two-stage converter module, a discrete reference IGBT is selected.
The thermal model evaluates the sink-to-ambient resistance to obtain
the required heat sink volume based on an assumed cooling system per-
formance index (CSPI) of 15 W/(K·dm3).
The inductive components like the filter inductors as well as the two-
and four-winding transformer are modeled with E-cores where the op-
timization varies the geometry dimensions. The core material is not
changed during the optimization and given by the Kool Mu 26u mate-
rial for the inductors and by the nanocrystalline VITROPERM 500F
material for the transformers. The windings are realized by litz wires
with a discrete selection of the strand diameters and the number of
strands. For the inductors, free convection cooling is assumed while the
transformers apply additional heat pipes on the top and the bottom of
the core connected to an outer heat sink for forced convection cooling
in order to ensure a sufficient heat removal.
For the capacitors, two reference ceramic components for different volt-
ages (the capacitors in the AC-side series connection have a lower volt-
age rating than the DC-side capacitors) are selected to reach a high
power density design. Concerning the heat removal, the optimization
checks the power dissipation of a single component and increases the
number of paralleled capacitors as soon as the maximum current is ex-
ceeded.
The optimization procedure is implemented based on an iteration over a
discrete set of calculation points within the same or comparable bound-
aries for all three types of converter modules. At converter design points
that are marked by the optimization as being not feasible because of
thermal limitations of a component or the component itself being not
feasible within the given boundaries, the current iteration is aborted
and the optimization moves to the next calculation point. The most
promising designs with the lowest power losses at a given volume are
identified at the end of the iteration to draw the Pareto front in terms
of efficiency vs. power density.
At a power density of 2.5 kW/L, the single-stage AC-DC DAB mod-
ule achieves an efficiency of 96.6 %, the single-stage AC-DC multi-port
module an efficiency of 93.5 % and the two-stage AC-DC H-bridge mod-
ule connected to a DC-DC DAB an efficiency of 97.1 %.
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The final optimization results predict a reasonable performance in
terms of efficiency and power density for the module-level integration
of galvanic isolation for a phase-modular single-stage AC-DC converter
system compared to a conventional two-stage approach based on the
CHB. This is especially the case for the investigated single-phase AC-
DC DAB converter module. Nevertheless, in case of the AC-DC multi-
port module with a complex magnetic coupling of the AC and the DC
ports, substantially lower efficiencies are achievable due to the high cir-
culating currents occurring in the semiconductor devices and the multi-
winding transformer. Furthermore, from the complexity of the con-
trol point of view and also considering the mechanical assembly with
coupling the modules over the three different phases, the multi-port
module is not beneficial. Compared to the DAB module, the cross cou-
pling between the different phases significantly degrades the concept of
modularity as it is lost within each single phase string.

7.2 Outlook

With the focus of this thesis being on the AC-DC grid interface of
an ultra-fast charging station for EVs connected to the MV AC grid,
in a next step, the high power DC-DC charging converters have to
be addressed. Suitable non-isolated topologies in combination with the
most promising modulation schemes should be evaluated concerning the
reachable efficiency and power density, the reliability and the system
costs.

For the cascaded AC-DC DAB converter, partly or completely hard-
switched modulation schemes could gain interest with the currently
evolving new semiconductor devices based on silicon carbide or gallium
nitride to reach comparable or even higher module efficiencies than
with the state-of-the-art silicon technology. Furthermore, the anti-serial
connection of two MOSFETs could be replaced by future semiconductor
devices featuring bidirectional voltage blocking and current conduction
capability.

In case of the AC-DC multi-port converter, further research could
be conducted on the basic interconnection of the AC ports of a three-
phase voltage system and the DC port through a single magnetic core
(windings electrically/magnetically connected in series/parallel). More-
over, these investigations have a direct impact on the transformer de-
sign considerations and demand the development of suitable modulation
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schemes. In general, further modulation schemes for the presented AC-
DC multi-port module could be developed including schemes that allow
ZCS at the AC side for the use of IGBTs while maintaining ZVS at the
DC side suitable for a MOSFET application, sequential schemes where
only one phase transfers power while the other two are in a clamping
state or schemes for a resonant converter operation.

Concerning the multi-objective optimization and the comparison of
the module types, also different power operating points have to be con-
sidered in a next step. Especially the use of the converter modules in a
series connection of a phase string requires an optimization conducted
not only for a wide power range but also for a limited voltage range
to ensure the controllability for balancing the SOCs of the batteries in
case of a battery energy storage system. Moreover, the models applied
in the optimization could be extended in terms of additional trans-
former geometries, the variation of several core materials and winding
wires as well as the integration of further reference components for the
MOSFETs, the IGBTs and the capacitors.

In general, phase-modular AC-DC converter systems could gain in-
terest also for low voltage applications as the available semiconductor
devices in the low voltage class segment exhibit relatively low switching
and conduction losses. With the emerging semiconductor technology in
the field of wide band gap devices applying silicon carbide or gallium
nitride, ultra-efficient and ultra-compact converter modules could be
realized.
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A
DC-DC Dual Active Bridge

Converter

This appendix summarizes state-of-the-art modulation schemes for DC-
DC dual active bridge (DAB) converters. These are the phase shift
modulation, the trapezoidal current mode modulation and the triangu-
lar current mode modulation. Based on the developed general power
flow modeling in Section 5.4, a design example of a DC-DC DAB is op-
timized concerning the major converter losses in order to determine the
optimal modulation parameters. The obtained converter efficiencies by
applying the optimal modulation are compared to the efficiencies that
can be reached by state-of-the-art modulation schemes.

A.1 Converter topology

Fig. A.1 shows the converter topology of a DC-DC DAB converter.
The converter consists of a primary and a secondary full-bridge with
unidirectional switches. The two full-bridges are connected to the wind-
ings of a two-winding transformer and generate high-frequency/medium-
frequency (HF/MF) square-wave voltages with amplitudes of the DC
port voltages V1, V2. The converter is operated by phase shift control
where the control variables are the clamping intervals (where v1 = 0
and/or v2 = 0) and the phase shifts of the HF/MF voltages.

For the derivation of the modulation equations and the optimization
of the converter, the full-bridges are modeled by HF/MF voltage sources
and the transformer only by its primary referred leakage inductance Lσ.
The magnetizing inductance Lm of the transformer is assumed to be
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relatively large, so that magnetizing currents can be neglected for the
description of the modulation schemes.

1C 2C
2V

: 1n

3S 5S

4S 6S

1S

2S

7S

8S

1v1V 2vmL

σLi σL

Figure A.1: Topology of the DC-DC dual active bridge
(DAB) converter with a primary full-bridge with the switches
S1, S2, S3, S4 and a secondary full-bridge with the switches
S5, S6, S7, S8 connected to a two-winding transformer with
leakage inductance Lσ and magnetizing inductance Lm.

A.2 Modulation schemes

In the following, state-of-the-art modulation schemes for a DC-DC DAB
converter are summarized and their corresponding power flow equations
are given.

A.2.1 Phase shift modulation

In phase shift modulation, square-wave voltages without clamping in-
tervals are applied to the transformer windings as shown in Fig. A.2.
The power transferred from the primary to the secondary side is con-
trolled by the phase shift φ2 between the two voltages v1, nv2 and given
by

P12 = −V1nV2φ2(π − |φ2|)
πωsLσ

(A.1)

with φ2 ∈ [−π, π]. V1, V2 are the input and the output voltage, ωs =
2π
Ts

the angular switching frequency, n = N1

N2
the turns ratio and Lσ

the leakage inductance of the transformer. The maximum transferable
power is

P12,max = ±πV1nV2

4ωsLσ
. (A.2)
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The soft-switching range of the modulation, where zero voltage switch-
ing (ZVS) can be achieved, is strongly dependent on the voltage ratio
V1

nV2
as well as the power level P12 [142]. Especially for voltage ratios

V1

nV2
� 1 and V1

nV2
� 1 at low loads, ZVS cannot be maintained. Dis-

advantages like limited soft-switching range and high RMS transformer
currents can be overcome by using the trapezoidal current mode mod-
ulation explained in the next section.
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1τ 2τ

3τ 4τ

2φ
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2nv

Phase shift control reference

sT sT

σLi

Figure A.2: Square-wave voltages v1, nv2 applied to the
transformer windings in phase shift modulation and resulting
leakage inductance current iLσ.

A.2.2 Trapezoidal current mode modulation

In trapezoidal current mode modulation, square-wave voltages with
clamping intervals are applied to the transformer windings as shown
in Fig. A.3 for the general modulation mode. By setting τ0 = τ1 and
τ4 = τ5 in Fig. A.3, the trapezoidal current mode modulation given in
Fig. A.4 is obtained. The transferred power is then described by

P12 = −sign(φ2)
V1nV2(π |φ2| − 2φ2

2 + 2δ1δ2)

πωsLσ
(A.3)

with δ1 = f(φ2) ∈ [0, π/2], δ2 = f(φ2) ∈ [0, π/2] and φ2 ∈ [−π, π]. The
maximum transferable power is

P12,max = ± πV 2
1 n

2V 2
2

2ωsLσ(V 2
1 + n2V 2

2 + V1nV2)
. (A.4)

The current iLσ reaches zero at the switching instants τ0, τ3, τ6 where
zero current switching (ZCS) is possible [138]. At τ1, τ2, τ4, τ5 ZVS
is possible as far as the minimum commutation current needed for the
resonant transition is reached. Nevertheless, the modulation method
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cannot be applied for low output power. This leads to the triangu-
lar current mode modulation with a seamless transition between the
modulation methods.
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Figure A.3: Square-wave voltages v1, nv2 applied to the
transformer windings in general trapezoidal current mode mod-
ulation and resulting leakage inductance current iLσ.
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Figure A.4: Square-wave voltages v1, nv2 applied to the
transformer windings in trapezoidal current mode modulation
and resulting leakage inductance current iLσ.

A.2.3 Triangular current mode modulation

In triangular current mode modulation, also square-wave voltages with
clamping intervals are applied to the transformer windings as can be
seen from Fig. A.5 for the general modulation mode. Considering
τ3 = τ4 and τ7 = τ8 in Fig. A.5(a) as well as τ2 = τ3 and τ6 =
τ7 in Fig. A.5(b), the triangular current mode modulation shown in
Fig. A.6 is obtained. The transferred power can then be written as

P12 = −V1nV2φ2(π − 2δ1)

πωsLσ
V1 > nV2, (A.5)

P12 = −V1nV2φ2(π − 2δ2)

πωsLσ
V1 < nV2 (A.6)
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with δ1 = f(φ2) ∈ [0, π/2], δ2 = f(φ2) ∈ [0, π/2] and φ2 ∈ [−π, π]. The
maximum transferable power is

P12,max = ±πn
2V 2

2 (V1 − nV2)

2ωsLσV1
V1 > nV2, (A.7)

P12,max = ±πV
2
1 (V1 − nV2)

2ωsLσnV2
V1 < nV2. (A.8)

The current iLσ reaches zero at the switching instants τ0, τ2, τ3, τ5,
τ6 where ZCS is possible [138]. At the instants τ1, τ4 ZVS is possible.
Depending on the voltage ratio, the modulation shown in Fig. A.6(a)
with V1 > nV2 or the modulation shown in Fig. A.6(b) with V1 < nV2

is applied. Power transfer in case of V1 = nV2 is not possible with the
triangular current mode.

Phase shift control reference

Phase shift control reference

(a)

(b)
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Figure A.5: Square-wave voltages v1, nv2 applied to the
transformer windings in general triangular current mode mod-
ulation and resulting leakage inductance current iLσ for V1 >
nV2 (a) and V1 < nV2 (b).
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Phase shift control reference
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Figure A.6: Square-wave voltages v1, nv2 applied to the
transformer windings in triangular current mode modulation
and resulting leakage inductance current iLσ for V1 > nV2 (a)
and V1 < nV2 (b).

A.3 Converter optimization

For a DC-DC DAB converter design example, the optimal modula-
tion scheme considering all possible degrees of freedom in control (see
Tab. 4.1) is determined by an optimization of the converter losses. The
control variables are the primary and the secondary clamping intervals
δ1, δ2, the phase shift φ2 as well as the switching frequency fs. The
general power flow equation derived in Section 5.4 is used to include
all possible modulation schemes in the optimization process without
the need of distinguishing between different mathematical cases for the
various possible modulation schemes.

A.3.1 Design example

As a design example to find optimal control variables, a 3.3 kW elec-
tric vehicle battery charger to connect to a fixed 400 V DC link with
an output voltage range of 280 V to 420 V of a lithium-ion battery is
considered. The primary and secondary switching devices are chosen
to be 650 V IGBTs of type IKW50N65F5 [166] for a first converter
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Table A.1: Parameters of the DC-DC DAB design example.

Input voltage V1 400 V

Battery voltage V2 280 V. . . 420 V

Output power P2 3.3 kW

Switching frequency fs 20 kHz. . . 50 kHz

Transformer turns ratio n 8/7

Transformer leakage inductance Lσ
Phase shift modulation Lσ(1) 181 µH

Triangular/Trapezoidal modulation Lσ(2) 158 µH

Optimal modulation Lσ(3) 158 µH

Transformer magnetizing inductance Lm neglected

solution and 650 V MOSFETs of type IPW65R019C7 [165] for a sec-
ond converter solution. The converter parameters are listed in detail in
Tab. A.1.

(a)

m1Rm2R m3R

(b)

1Φ2Φ

Winding 1W Winding 2W

σδ

σR

Figure A.7: 2D drawing of the transformer in (a) consisting
of four U-cores with the primary winding W1 wound around
the inner leg and the secondary winding W2 wound around
the inner and the right-hand sided stray leg. By inserting an
air gap of length δσ in the stray leg, the leakage inductance
Lσ is adjusted. In (b) the corresponding reluctance model is
depicted with flux sources Φ1 and Φ2.

The transformer of the design example including its reluctance model
is depicted in Fig. A.7 where the leakage inductance Lσ is adjusted by
varying the air gap size δσ depending on the modulation scheme, so
that the maximum power of 3.3 kW can be transferred at the lowest
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Table A.2: Transformer parameters of the DC-DC DAB de-
sign example.

Magnetic core 2x AMCC-32

VITROPERM 500F

Primary winding W1 24 turns, litz wire

945 strands, 0.071 mm

Secondary winding W2 21 turns, litz wire

945 strands, 0.071 mm

Air gap length δσ
Phase shift modulation 1.6 mm

Triangular/Trapezoidal modulation 1.8 mm

Optimal modulation 1.8 mm

switching frequency of 20 kHz and the lowest battery voltage of 280 V.
Practically, distributed air gaps are used in order to reduce the losses
induced by the fringing magnetic field. For the optimization, the leak-
age inductance is fixed at the lower value of the two values obtained
for phase shift and triangular/trapezoidal modulation since the opti-
mization algorithm is then capable of choosing from these two without
the need of increasing the switching frequency. The turns ratio is set
so that the average battery voltage of 350 V transforms to a primary
voltage of 400 V.

The transformer is built with four U-cores of the size AMCC-32
[150] with the nanocrystalline material VITROPERM 500F [151] which
exhibits a relatively high saturation flux density of 1.2 T and is therefore
ideally suited for switching frequencies in the range of a few 10 kHz. For
the windings, litz wire with 945 strands of diameter 0.071 mm is used.
At the primary side, there are 24 turns, whereas the secondary winding
consists of 21 turns. The primary winding W1 is directly wound on the
inner leg with the secondary winding W2 around the inner leg and the
outer stray leg as shown in Fig. A.7. The transformer parameters are
summarized in Tab. A.2.

A.3.2 Optimization procedure

The optimal control variables in terms of the clamping intervals δ1, δ2,
the phase shift φ2 and the switching frequency fs are numerically de-
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termined by minimizing the total converter losses subject to the power
flow constraint. The converter loss model includes the main loss shares
as conduction and switching losses of the semiconductor devices, skin
and proximity effect losses of the transformer windings as well as the
core losses of the transformer and a constant part for auxiliary losses
(semiconductor losses Psw, transformer losses Ptr, auxiliary losses Paux).

For the semiconductor devices, both the IGBT and the MOSFET
loss models are based on data sheet parameters and described in Sec-
tion B.1.1 and Section B.1.2 respectively. The gate drive losses are mod-
eled according to Section B.1.3. The transformer loss models are given
in Section B.2.1 for the litz wire winding losses and in Section B.2.2 for
the core losses. Besides the load-dependent loss shares, a constant loss
share of 8 W for the control, the sensing and the fans is considered.

The optimization procedure is shown in Fig. A.8. For a given set
of output voltage V2 ∈ [280 V, 420 V] and a reference output power
P ∗12 ∈ [0.33 kW, 3.3 kW], the optimization routine calculates the optimal
control variables. The optimization problem is stated as

min
x

[Psw + Ptr + Paux] (A.9)

with respect to

x =


δ1
δ2
φ2

fs

 (A.10)

with

xlb =


0
0
−π

20 kHz

, xub =


π
2
π
2
π

50 kHz

 (A.11)

where x denotes the vector of control variables which is restricted to the
lower and upper bounds xlb, xub respectively. The equality constraint
is given by setting the power transfer P12 = P ∗12 using the general power
flow equation (5.30).
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Global optimization algorithm

Minimize objective function

Change point (voltage, power)

Change set of variables

Evaluate constraint

Converter parameters

1, Vσn,L

Loop over output voltage & power

12
∗, P2V

Control variables

s, f2, φ2, δ1δ

Evaluate objective function

Calculate power flow 12P

Optimal control variables

s, f2, φ2, δ1δ

Optimal control variables
over output voltage & power range

Calculate semiconductor losses swP

Calculate transformer losses trP

Figure A.8: Flow chart of the optimization algorithm to find
the optimal control variables δ1, δ2, φ2, fs by minimizing the
DC-DC DAB converter losses subject to the power flow con-
straint. P ∗12 represents the reference value for the transferred
power.

A.3.3 Optimization results

In the following, the optimization results for the IGBT and the MOS-
FET DAB design example with parameters from Tab. A.1 are given
and discussed. The optimization is carried out without considering
modulation mode transitions. For a practical implementation, the tran-
sition phases between the modes play an important role since steps in
the control variables can lead to the short-term loss of soft-switching
and require special care in the switching signals state machine imple-
mentation.

IGBT solution

The relative converter efficiencies for the IGBT solution obtained from
the optimization are shown in Fig. A.9(a) with the variation of the
switching frequency depicted in Fig. A.9(b). Additionally, the con-
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verter efficiencies for the phase shift and the combined triangular/trape-
zoidal current mode modulation are given in Fig. A.10.

MOSFET solution

The relative converter efficiencies for the MOSFET solution obtained
from the optimization are shown in Fig. A.11(a) with the variation
of the switching frequency depicted in Fig. A.11(b). Additionally,
the converter efficiencies for the phase shift and the combined triangu-
lar/trapezoidal current mode modulation are given in Fig. A.12.

Discussion

For the phase shift modulation, it can be seen that for the MOSFET
solution in the soft-switching area higher efficiencies are achieved than
for the IGBT solution (compare Fig. A.12(a) to Fig. A.10(a)). This
is mainly due to the fact, that IGBT turn-off losses cannot be sub-
stantially reduced by using ZVS. In the hard-switching region, ZVS is
lost and forced diode commutations occur. The switching losses in this
region are strongly dependent on the characteristics of the antiparallel
diode of the IGBT and the body diode of the MOSFET respectively.

To improve the efficiencies, especially in the hard-switching region,
the combined triangular/trapezoidal current mode modulation can be
used. There, also for a low output power in the areas of low and
high output voltages, soft-switching (ZCS combined with ZVS) can be
achieved.

Considering also the switching frequency variation, the efficiencies
can be slightly increased compared to the triangular/trapezoidal current
mode modulation. Soft-switching is achieved in the whole operating
range: ZCS and ZVS for the IGBT solution and only ZVS for the
MOSFET solution. The modulation modes, which are found by the
optimization procedure, are given in Fig. A.9(a) and Fig. A.11(a).

The resulting switching frequencies found by the optimization are
shown in Fig. A.9(b) for the IGBT and in Fig. A.11(b) for the MOS-
FET solution.

Especially for the MOSFET solution, the frequency is varied over
a wide area of the operating range. With decreasing power, the fre-
quency can be increased to lower the power transfer and to achieve
high efficiencies at the same time. Nevertheless, at low input power, it
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is more attractive to decrease the switching frequency and change the
modulation mode when necessary.
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Figure A.9: Relative converter efficiencies applying IGBTs
for an input power range of 10 % to 100 % of maximum in-
put power and an output voltage range of 280 V to 420 V for
the modulation with optimized control variables with variable
switching frequency from 20 kHz to 50 kHz (a) where also the
modulation mode found by the optimization is given (soft-
switching with either ZCS or ZVS is always achieved). In
(b) the switching frequencies in kHz of the optimized control
variables are depicted.
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Figure A.10: Relative converter efficiencies applying IG-
BTs for an input power range of 10 % to 100 % of maximum
input power and an output voltage range of 280 V to 420 V for
the phase shift modulation (a) and the triangular/trapezoidal
current mode modulation (b) both with fixed switching fre-
quency at 20 kHz. For the phase shift modulation in (a), soft-
and hard-switching areas are given, whereas with the mod-
ulation in (b) soft-switching (either ZCS or ZVS) is always
achieved.
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Figure A.11: Relative converter efficiencies applying MOS-
FETs for an input power range of 10 % to 100 % of maximum
input power and an output voltage range of 280 V to 420 V for
the modulation with optimized control variables with variable
switching frequency from 20 kHz to 50 kHz (a) where also the
modulation mode found by the optimization is given (soft-
switching with either ZCS or ZVS is always achieved). In
(b) the switching frequencies in kHz of the optimized control
variables are depicted.
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Figure A.12: Relative converter efficiencies applying MOS-
FETs for an input power range of 10 % to 100 % of maximum
input power and an output voltage range of 280 V to 420 V for
the phase shift modulation (a) and the triangular/trapezoidal
current mode modulation (b) both with fixed switching fre-
quency at 20 kHz. For the phase shift modulation in (a), soft-
and hard-switching areas are given, whereas with the mod-
ulation in (b) soft-switching (either ZCS or ZVS) is always
achieved.
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B
Loss Models of Power Components

This appendix describes the loss models of the power components which
are used in the optimizations and calculations throughout this thesis.
For the semiconductor devices, the inductive components and the ca-
pacitors, the models are presented in the following.

B.1 Semiconductor devices

For the widely used semiconductor technologies of IGBTs and MOS-
FETs, the applied loss models are based on data sheet parameters from
the manufacturers. The estimated losses are calculated with the data
available at the highest junction temperature in order to allow a com-
pact heat sink design.

B.1.1 IGBT losses

The conduction and switching losses of an IGBT device with an antipar-
allel diode are modeled based on the available data sheet parameters of
the manufacturers and are given in the following.

Conduction losses

For calculating the conduction losses, the typical output characteristic
iC = f(vCE) of the IGBT and the typical diode forward current as a
function of the forward voltage iD = f(vD) of the antiparallel diode at
a junction temperature of Tj,max − 25 ◦C = 150 ◦C from the data sheet
are considered. Given the current iC flowing through the IGBT and
the current iD through the diode over the interval [0, Ts] of a switching
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period Ts, the conduction losses of an IGBT co-pack device can be
calculated by

Pc,S =
1

Ts

∫ Ts

0

iC(τ) · vCE(iC(τ)) dτ, (B.1)

Pc,D =
1

Ts

∫ Ts

0

iD(τ) · vD(iD(τ)) dτ, (B.2)

Pc = Pc,S + Pc,D. (B.3)

Switching losses

When optimizing and designing a converter system, the final layout of
the gate drive circuit and the parasitics of the commutation path are
usually unknown, so that only approximations of the switching losses
can be performed. For estimating the switching losses of an IGBT co-
pack device, the following assumptions are made: For a device which is
turned on

I the diode losses at zero-voltage turn-on are neglected,

I the IGBT losses Eon = f(iC) at turn-on including the diode re-
verse recovery losses are taken from the data sheet and are linearly
scaled with the voltage according to the data sheet.

For a device which is turned off

I the diode losses at turn-off are neglected,

I the IGBT losses Eoff = f(iC) at turn-off including the tail current
losses are taken from the data sheet and are linearly scaled with
the voltage according to the data sheet.

For soft-switching in terms of ZVS at the switching instant τs, the
switching losses of an IGBT co-pack device are approximated by

Ps = fs · Eoff(iC(τs))
vCE(τs)

VCE
(B.4)

whereas for hard-switching in terms of forced diode commutation, the
switching losses are estimated according to

Ps = fs · Eon(iC(τs))
vCE(τs)

VCE
(B.5)
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with VCE being the collector-emitter voltage where the switching losses
were measured according to the data sheet. For soft-switching in terms
of ZCS for a small iC(τs), the losses according to (B.4) and (B.5) become
negligible small.

B.1.2 MOSFET losses

The two loss shares of conduction and switching losses of a MOSFET
device are modeled based on the available data sheet parameters of the
manufacturers and are given in the following.

Conduction losses

For MOSFETs, the typical output characteristic iD = f(vDS) at a junc-
tion temperature of Tj,max− 25 ◦C = 125 ◦C from the data sheet can be
used to calculate the conduction losses. Given the current iD flowing
through the MOSFET over the interval [0, Ts] of a switching period Ts,
the conduction losses are given by

Pc =
1

Ts

∫ Ts

0

iD(τ) · vDS(iD(τ)) dτ. (B.6)

Switching losses

The approximation of the switching losses of a MOSFET device is based
on the following assumptions: For ZVS conditions when stored energy
in the output capacitance is transferred from one MOSFET to another,
only the turn-off losses are considered. The turn-on of the body diode
after the resonant transition is assumed to be lossless. The turn-off
losses Eoff = f(iD) at the time instant τs are linearly scaled with the
drain-source voltage vDS and given by

Ps = fs · Eoff(iD(τs))
vDS(τs)

VDS
(B.7)

with VDS being the drain-source voltage where the switching losses were
measured according to the data sheet. For hard-switching, two loss
effects are modeled, these are

I the dissipation of the energy Eoss = f(vDS) stored in the output
capacitance at turn-on,
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I the body diode reverse recovery losses occurring in the turn-on
device squarely scaled with the voltage and linearly scaled with
the current [173].

The switching losses at the time instant τs are then estimated using

Poss = fs · Eoss(vDS(τs)), (B.8)

Prr = fs ·Qrr

(
vDS(τs)

VR

)2
iD(τs)

IF
· vDS(τs), (B.9)

Ps = Poss + Prr (B.10)

with the curve Eoss = f(vDS) and the reverse recovery charge Qrr mea-
sured for the reverse voltage VR and the forward current IF from the
data sheet. For soft-switching in terms of ZCS for a small iD(τs), the
losses according to (B.9) become negligible small, hence the losses are
mainly described by (B.8).

B.1.3 Gate drive losses

The gate drive losses per switching device can be calculated by the
difference between the energy that the gate driver delivers during the
charging process of the gate and the stored energy in the gate of the
device at the end of the turn-on. The energy loss for a switching cycle
is then given by

Eg = 2 ·
(∫

Vgig(t) dt− 1

2
QgVg

)
= QgVg (B.11)

with the total gate charge depending on the gate current ig(t)

Qg =

∫
ig(t) dt (B.12)

and Vg being the gate driver voltage. With the total gate charge Qg

from the data sheet, the gate drive losses are calculated by

Pg = fsEg = fsQgVg. (B.13)
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B.2 Inductive components

The losses in inductive components such as inductors and transformers
comprising the loss mechanisms in the windings and the magnetic core
are modeled in the following. For the winding losses several types of
conductors are considered.

B.2.1 Winding losses

The skin effect losses including the DC losses and the proximity effect
losses are described by the state-of-the-art models presented in [174,
175]. Below, the loss models for foil and round conductor windings as
well as litz wire windings are summarized.

Foil conductor

The skin effect losses including DC losses per unit length in foil con-
ductors for each current harmonic are calculated according to [174,175]
by

PS = RDCFF(f)Î2 (B.14)

with

δ =
1√

πµ0σf
, (B.15)

ν =
h

δ
, (B.16)

RDC =
1

σbh
(B.17)

and

FF =
ν

4

sinh ν + sin ν

cosh ν − cos ν
(B.18)

where δ is the skin depth, f the frequency of the considered current
harmonic with amplitude Î, h the thickness and b the width of the foil
and σ the conductivity of copper.

The proximity effect losses per unit length in foil conductors for each
magnetic field harmonic are calculated according to [174,175] by

PP = RDCGF(f)Ĥ2
e (B.19)
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with

δ =
1√

πµ0σf
, (B.20)

ν =
h

δ
, (B.21)

RDC =
1

σbh
(B.22)

and

GF = b2ν
sinh ν − sin ν

cosh ν + cos ν
. (B.23)

The external magnetic field strength for calculating proximity effect
losses is derived by a 1D approximation according to [176] as depicted
in Fig. B.1.

The total foil conductor winding losses are given by the sum of the
described loss mechanisms

PW = PS + PP. (B.24)

Round conductor

The skin effect losses including DC losses per unit length in round
conductors for each current harmonic are calculated according to [174,
175] by

PS = RDCFR(f)Î2 (B.25)

with

δ =
1√

πµ0σf
, (B.26)

ξ =
d√
2δ
, (B.27)

RDC =
4

σπd2
(B.28)

and

FR =
ξ

4
√

2

(
ber0(ξ)bei1(ξ)− ber0(ξ)ber1(ξ)

ber1(ξ)2 + bei1(ξ)2

−bei0(ξ)ber1(ξ) + bei0(ξ)bei1(ξ)

ber1(ξ)2 + bei1(ξ)2

)
(B.29)
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where δ is the skin depth, f the frequency of the considered current
harmonic with amplitude Î, d the conductor diameter and σ the con-
ductivity of copper.

The proximity effect losses per unit length in round conductors for
each magnetic field harmonic are calculated according to [174,175] by

PP = RDCGR(f)Ĥ2
e (B.30)

with

δ =
1√

πµ0σf
, (B.31)

ξ =
d√
2δ
, (B.32)

RDC =
4

σπd2
(B.33)

and

GR =− ξπ2d2

2
√

2

(
ber2(ξ)ber1(ξ) + ber2(ξ)bei1(ξ)

ber0(ξ)2 + bei0(ξ)2

+
bei2(ξ)bei1(ξ)− bei2(ξ)ber1(ξ)

ber0(ξ)2 + bei0(ξ)2

)
. (B.34)

The external magnetic field strength for calculating proximity effect
losses is derived by a 1D approximation according to [176] as depicted
in Fig. B.1.

The total round conductor winding losses are given by the sum of
the described loss mechanisms

PW = PS + PP. (B.35)

Litz wire

The skin effect losses including DC losses per unit length in litz wires
with Ns strands for each current harmonic are calculated according to
[174,175] by

PS = NsRDCFR(f)
Î2

N2
s

(B.36)

with

δ =
1√

πµ0σf
, (B.37)
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ξ =
ds√
2δ
, (B.38)

RDC =
4

σπd2
s

(B.39)

and

FR =
ξ

4
√

2

(
ber0(ξ)bei1(ξ)− ber0(ξ)ber1(ξ)

ber1(ξ)2 + bei1(ξ)2

−bei0(ξ)ber1(ξ) + bei0(ξ)bei1(ξ)

ber1(ξ)2 + bei1(ξ)2

)
(B.40)

where δ is the skin depth, f the frequency of the considered current har-
monic with amplitude Î, ds the strand diameter and σ the conductivity
of copper.

The proximity effect losses in a litz wire are split into an external
and an internal part. External proximity effect losses are caused by the
magnetic field of the adjacent litz wires whereas the internal proximity
effect losses originate from the magnetic field of the single strands in
the litz bundle itself.

The external and internal proximity effect losses per unit length in
litz wires with Ns strands and an outer diameter do for each magnetic
field harmonic are calculated according to [174,175] by

PP,ext = NsRDCGR(f)Ĥ2
e , (B.41)

PP,int = NsRDCGR(f)
Î2

2π2d2
o

(B.42)

with

δ =
1√

πµ0σf
, (B.43)

ξ =
ds√
2δ
, (B.44)

RDC =
4

σπd2
s

(B.45)

and

GR =− ξπ2d2
s

2
√

2

(
ber2(ξ)ber1(ξ) + ber2(ξ)bei1(ξ)

ber0(ξ)2 + bei0(ξ)2
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+
bei2(ξ)bei1(ξ)− bei2(ξ)ber1(ξ)

ber0(ξ)2 + bei0(ξ)2

)
. (B.46)

The external magnetic field strength for calculating proximity effect
losses is derived by a 1D approximation according to [176] as depicted
in Fig. B.1.

The total litz wire winding losses are given by the sum of the de-
scribed loss mechanisms

PW = PS + PP,ext + PP,int. (B.47)

Magnetic field approximation

For the calculation of the proximity effect losses, the external magnetic
field strength Ĥe induced by each current harmonic Î has to be de-
termined. This is done by a 1D approximation according to [176] as
shown in Fig. B.1 where it is assumed that the magnetic field exhibits
only a component in the axial z-direction of the cylindrical coils. This
approach leads to good approximations as long as the (distributed) air
gaps are kept relatively small and the turns exhibit a certain distance
from the air gaps [177].

→ ∞µ

zH

x
(b)

zH

zH

(a)

wh

e,avgĤ
wh
ÎN

→ ∞µ

zH

x
(d)

zH

zH

(c)

wh

e,avgĤwh
ÎN

Figure B.1: 2D drawing of an inductor consisting of two
E-cores with N number of turns (a) where the 1D magnetic
field approximation is given in (b). In (c) the 2D drawing
of a transformer consisting of two E-cores with N number
of turns per winding is shown with the 1D magnetic field
approximation given in (d).
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The magnetic field component Hz is approximated by a linear func-
tion in the radial x-direction inside the winding layers as depicted in
Fig. B.1(b) and Fig. B.1(d). For the proximity effect loss calcu-
lation, the magnetic field is then described by its average value per
winding layer

Ĥe,avg =
2m− 1

2

nTÎ

hw
m = {1, . . . , nL} (B.48)

with Î being the amplitude of the considered current harmonic, nT the
number of turns per layer, hw the window height of the core and m the
index of the winding layer which is iterated from 1 up to the number
of layers nL.

More sophisticated approaches use 2D magnetic field models as for
instance the mirror method described in [175] or a finite element method
(FEM) analysis for considering also the fringing field of air gaps.

B.2.2 Core losses

The losses occurring in the magnetic core are caused by the magnetic
flux induced either by the winding current i(t) as in the case of an
inductor or a current-fed transformer or by the applied voltage v(t)
across the winding in the case of a voltage-fed transformer.

For an inductor with a given inductance value L, the flux density in
the core is given by

B(t) =
Φ(t)

Ae
=

Ψ(t)

NAe
=

L

NAe
i(t) (B.49)

and is directly proportional to the winding current i(t) assuming an
operation in the linear region of the core material (BH-curve) with a
current-independent L. For a voltage-fed transformer the flux density
depends on the impressed voltage v(t) at the winding and can be written
as

B(t) =
Φ(t)

Ae
=

Ψ(t)

NAe
=

1

NAe

∫ t

0

v(τ) dτ. (B.50)

Ae defines the core cross section area and N is the number of turns of
the winding exciting the magnetic flux.

With the time-dependent magnetic flux density B(t), the core losses
per volume are calculated by applying the improved generalized Stein-
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metz equation (iGSE) according to [178] with

PC =
1

T

∫ T

0

ki

∣∣∣∣dBdt
∣∣∣∣α (∆B)β−α dt (B.51)

where ∆B is the peak-to-peak flux density and

ki =
k

(2π)α−1
∫ 2π

0
|cos θ|α 2β−α dθ

. (B.52)

The parameters k, α, β are the same parameters as used in the conven-
tional Steinmetz equation [178].

The losses caused by the minor and major loops [178] are calculated
separately by splitting the waveform B(t) into a fundamental compo-
nent (mostly the 50 Hz component) and one or more medium-/high-
frequency (MF/HF) components (mostly the switching frequency com-
ponent). The single loss parts obtained by this procedure are summed
up in the end to the total core losses.

B.3 Capacitors

In capacitors two types of losses occur: The conduction losses (or the
ohmic losses) due to the flow of charge through the dielectric and the
dielectric losses due to the movement of the atoms/molecules in an
alternating electric field [179].

Re

Im

jωC
1

ESRRESLjωL

CZδ

(b)

ESLL ESRR

EPRR

C

(a)

CZ

Figure B.2: Basic equivalent circuit of a capacitor with an
equivalent series inductance LESL, an equivalent series resis-
tance RESR and an equivalent parallel resistance REPR in (a)
and the corresponding phasor diagram in (b) for a simplified
capacitor model with impedance ZC.

Fig. B.2(a) shows the basic equivalent circuit of a capacitor with an
equivalent series inductance (ESL) LESL, an equivalent series resistance
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(ESR) RESR and an equivalent parallel resistance (EPR) REPR. The
conduction and the dielectric losses are represented by the ESR whereas
the EPR models the leakage current through the capacitor under AC or
DC bias. In Fig. B.2(b), the phasor diagram of a capacitor is depicted
where the ESL is assumed to be negligible small and the EPR negligible
large what leads to a simplified capacitor model with the impedance ZC.

The capacitor losses including the conduction and the dielectric
losses for each current harmonic are then given by

PC = RESR(f)I2(f) (B.53)

with RESR(f) being the ESR depending on the frequency f from the
manufacturers data sheet and I(f) the RMS current of the considered
current harmonic. From the dissipation factor tan δ given by many
manufacturers in their data sheets, the ESR can be calculated with the
relation

tan δ =
RESR

|XC|
=
RESR

1
ωC

= RESRωC (B.54)

as shown in Fig. B.2(b).
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